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Bogdan M. Wilamowski and Guofu Niu

The bipolar junction transistor (BJT) is historically the first solid-state analog amplifier and digital
switch, and formed the basis of integrated circuits (ICs) in the 1970s. Starting in the early 1980s, the
MOSFET had gradually taken over, particularly for main stream digital ICs. However, in the 1990s,
the invention of silicon-germanium base heterojunction bipolar transistor (SiGe HBT) brought the
bipolar transistor back into high-volume commercial production, mainly for the now widespread wireless
and wire line communications applications. Today, SiGe HBT's are used to design radio-frequency (RF)
ICs and systems for cell phones, wireless local area network (WLAN), automobile collision avoidance
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1-2 Analog and VLSI Circuits

radar, wireless distribution of cable television, millimeter wave radios, and many more applications, due
to its outstanding high-frequency performance and ability to integrate with CMOS for realizing digital,
analog, and RF functions on the same chip.

Below we first introduce the basic concepts of BJT using a historically important equivalent circuit
model, the Ebers—Moll model. Then the Gummel-Poon model is introduced, as it is widely used for
computer-aided design, and is the basis of modern BJT models like the VBIC, Mextram, and HICUM
models. Current gain, high-current phenomena, fabrication technologies, and SiGe HBTs are then
discussed.

1.1.1 Ebers—Moll Model

A NPN BJT consists of two closely spaced PN junctions connected back to back sharing the same p-type
region, as shown in Figure 1.1a. The drawing is not drawn to scale. The emitter and base layers are thin,
typically less than 1 pwm, and the collector is much thicker to support a high output voltage swing. For
forward mode operation, the emitter-base (EB) junction is forward biased, and the collector-base (CB)
junction is reverse biased. Minority carriers are injected from emitter to base, travel across the base, and
are then collected by the reverse biased CB junction. Therefore, the collector current is transported from
the EB junction, and thus proportional to the EB junction current. In the forward-active mode, the
current-voltage characteristic of the EB junction is described by the well-known diode equation

(f B

E C
(a) C
B
(b) E
B
Iep ? lcp = aplge
< A
; N C
o =Nl
(c) Igg = oplg fer

FIGURE 1.1 (a) Cross-sectional view of a NPN BJT. (b) Circuit symbol. (c) The Ebers-Moll equivalent circuit
model.
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where
Iy is the EB junction saturation current
V1 =kT/q is the thermal potential (about 25 mV at room temperature)

The collector current is typically smaller than the emitter current I-r = aplgg, where ay is the forward
current gain.

Under reverse mode operation, the CB junction is forward biased and the EB junction is reverse biased.
Like in the forward mode, the forward biased CB junction current gives the collector current

Tep = Ico [exp (VTBTC) - 1] (1.2)

where I¢ is the CB junction saturation current. Similarly Igg = airlr, where oy is the reverse current
gain. Under general biasing conditions, it can be proven that to first order, a superposition of the above
described forward and reverse mode equivalent circuits can be used to describe transistor operation, as
shown in Figure 1.1b. The forward transistor operation is described by Equation 1.1, and the reverse
transistor operation is described by Equation 1.2. From the Kirchoff’s current law one can write
Ic=Icg~ Icp, Ig =Igp — Igp, and Iy =1Ig — Ic. Using Equations 1.1 and 1.2 the emitter and collector
currents can be described as

(1.3)
Vi
Ic = ay (expj — 1) —dp (exp—C — 1)
Vr
which are known as the Ebers-Moll equations [1]. The Ebers-Moll coefficients a,; are given as
an = Ige, app = arlco, a21 = aplgy,  axn = Ico (1.4)
The Ebers-Moll coefficients are a very strong function of the temperature
m Vgo
a; = K, T" exp— (1.5)
V1

where
K, is proportional to the junction area and independent of the temperature
Vgo =121V is the bandgap voltage in silicon (extrapolated to 0 K)
m is a material constant with a value between 2.5 and 4

When both EB and CB junctions are forward biased, the transistor is called to be working in the
saturation region. Current injection through the collector junction may activate parasitic transistors in
ICs using p-type substrate, where base acts as emitter, collector as base, and substrate as collector.
In typical ICs, bipolar transistors must not operate in saturation. Therefore, for the integrated bipolar
transistor the Ebers-Moll equations can be simplified to the form

V
Ig=ay (expV—B: - 1)

Vi
IC = an (eXPV—B: — 1)

where a;)/a,; = ag. This equation corresponds to the circuit diagram shown in Figure 1.1c.

(1.6)
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L12 Gummel-Poon Model

In real bipolar transistors the current voltage characteristics are more complex than those described by
the Ebers-Moll equations. Typical current-voltage characteristics of the bipolar transistor, plotted in
semilogarithmic scale, are shown in Figure 1.2. At small-base emitter voltages, due to the generation-
recombination phenomena, the base current is proportional to

Ve
Igp expm (1.7)

Also, due to the base conductivity modulation at high-level injections, the collector current for larger
voltages can be expressed by the similar relation

VBE
I —— 1.8
oH X exp U (1.8)
Note, that the collector current for wide range is given by
Vi
Ic =1 expﬂ (1.9)
Vr

The saturation current is a function of device structure parameters
_ AN} Vi

L (1.10)
j‘ NB(x)dx
0

I

where
q=1.6 X 107" C is the electron charge
A is the EB junction area
n; is the intrinsic concentration (n; = 1.5 X 10® at 300 K)
wp is the mobility of the majority carriers in the transistor base
wp is the effective base thickness
Ng(x) is the distribution of impurities in the base

log (I¢)
lOg (IB)

FIGURE 1.2 Collector and base currents as a function of base-emitter voltage.
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Note, that the saturation current is inversely proportional to the total impurity dose in the base. In the
transistor with the uniform base, the saturation current is given by

. qAn? Vg

S

1.11
weNg (1.11)

When a transistor operates in the reverse-active mode (emitter and collector are switched) then the
current of such biased transistor is given by

Vi
I = I exp—< (1.12)
Vr
Note, that the I, parameter is the same for forward and reverse mode of operation. The Gummel-Poon

transistor model [2] was derived from the Ebers-Moll model using the assumption that a,, =a,; =1,
For the Gummel-Poon model, Equations 1.3 are simplified to the form

Ig=1 iex E—exE
BT\ pVT pVT

Ic = L[ ex m—iexE
e pVT OR pVT

(1.13)

These equations require only three coefficients, while the Ebers-Moll requires four. The saturation
current I is constant for a wide range of currents. The current gain coefficients oz and og have values
smaller, but close to unity. Often instead of using the current gain as o = I/Ig, the current gain 8 as a
ratio of the collector current to the base current B = Ic/I is used. The mutual relationships between o
and B coefficients are given by

_ Be
OLF_BFJF]’ Br

_ QOF o — Br
1“(1]:’ R BR+1:

R

Br (1.14)

:l—OLR

The Gummel-Poon model was implemented in Simulation Program with Integrated Circuit Emphasis
(SPICE) [3] and other computer programs for circuit analysis. To make the equations more general, the
material parameters My and my were introduced

ViE 1 \4%
Ic =1 [ex - (1 —}-—) ex (1.15)
’ pTlFVT Br pTlRVT

The values of Mg and my vary from 1 to 2.

1.1.3 Current Gains of Bipolar Transistors

The transistor current gain B is limited by two phenomena: base transport efficiency and emitter
injection efficiency. The effective current gain B can be expressed as

11, 1,1 (119
B B Br Br '

where
By is the transistor current gain caused by emitter injection efficiency
B is the transistor current gain caused by base transport efficiency
Br is the recombination component of the current gain
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As one can see from Equation 1.16, smaller values of By, Br, and Br dominate. The base transport
efficiency can be defined as a ratio of injected carriers into the base, to the carriers that recombine
within the base. This ratio is also equal to the ratio of the minority carrier life time, to the transit
time of carriers through the base. The carrier transit time can be approximated by an empirical
relationship

Wi Nge
= =In| — 1.17
Ttransit Vi MB(Z + 0.91]) mn n (NBC) ( )

where
g is the mobility of the minority carriers in base

wg is the base thickness
Ngg is the impurity doping level at the emitter side of the base
Npc is the impurity doping level at the collector side of the base

Therefore, the current gain due to the transport efficiency is

Tlife s\*
Br=——=1(2+097) (—) (1.18)
ws

Ttransit

where Ly = /VrgTife is the diffusion length of minority carriers in the base.
The current gain By, due to the emitter injection efficiency, is given

wp | Nesr(x)dx
g 0 _ (1.19)

e | Np(x)dx
0

where
pp and pg are minority carrier mobilities in the base and in the emitter

Np(x) is impurity distribution in the base
Nrefr is the effective impurity distribution in the emitter

The recombination component of current gain By is caused by the different current-voltage relationship
of base and collector currents as can be seen in Figure 1.2. The slower base current increase is due to the
recombination phenomenon within the depletion layer of the base-emitter junction. Since the current
gain is a ratio of the collector current to the base current, the relation for B can be found as

Br = Krolp /™ (1.20)

As it can be seen from Figure 1.2, the current gain B is a function of the current. This gain—current
relationship is illustrated in Figure 1.3. The range of a constant current gain is wide for bipolar transistors
with a technology characterized by a lower number of generation-recombination centers.

With an increase of CB voltage, the depletion layer penetrates deeper into the base. Therefore, the
effective thickness of the base decreases. This leads to an increase of transistor current gain with applied
collector voltages. Figure 1.4 illustrates this phenomenon, which is known as the Early’s effect.
The extensions of transistor characteristics (dotted lines in Figure 1.4) are crossing the voltage axis at
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log (1)

nd

FIGURE 1.3 Current gain B as a function of collector current.

Va T

FIGURE 1.4 Current-voltage characteristics of a bipolar transistor.

the point —V,, where V, is known as the Early voltage. The current gain B, as a function of collector
voltage, is usually expressed using the relation

Vi
B = 30(1 +ﬂ) (1.21)
Va
Similar equation can be defined for the reverse mode of operation.

1.1.4 High-Current Phenomena

The concentration of minority carriers increases with the rise of transistor currents. When the concen-
tration of moving carriers exceeds a certain limit, the transistor property degenerates. Two phenomena
are responsible for this limitation. The first is related to the high concentration of moving carriers
(electrons in the NPN transistor) in the base~collector depletion region. This is known as the Kirk effect.
The second phenomenon is caused by a high level of carriers injected into the base. When the
concentration of injected minority carriers in the base exceeds the impurity concentration there, then
the base conductivity modulation limits the transistor performance.

To understand the Kirk effect consider the NPN transistor in forward-active mode with the base-
collector junction reversely biased. The depletion layer consists of the negative lattice charge of the base
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region and the positive lattice charge of the collector region. Boundaries of the depletion layer are such
that total the positive and negative charges are equal. When a collector current, carrying negatively
charged electrons, flows through the junction, effective negative charge on the base side of junction
increases. Also, the positive lattice charge of the collector side of the junction is compensated by negative
charge of moving electrons. This way, the CB space charge region moves toward the collector, resulting in
a thicker effective base. With a large current level, the thickness of the base may be doubled or tripled.
This phenomenon, known as the Kirk effect, becomes very significant when the charge of moving
electrons exceeds the charge of the lightly doped collector Nc¢. The threshold current for the Kirk effect
is given by

Inax = qusatNC (122)

where vg,, is the saturation velocity for electrons (Ve = 107 cm/s for silicon).

The conductivity modulation in the base, or high-level injection, starts when the concentration of
injected electrons into the base exceeds the lowest impurity concentration in the base Npmi,. This occurs
for the collector current I,,,, given by

_ 9AVTipNBmax(2 + 0.9m)

Ihex < qANBmaxa v
wg

(1.23)

The above equation is derived using Equation 1.17 for the estimation of base transient time.

The high-current phenomena are significantly enlarged by the current crowding effect. The typical
cross section of bipolar transistor is shown in Figure 1.5. The horizontal flow of the base current results in
the voltage drop across the base region under the emitter. This small voltage difference on the base-
emitter junction causes a significant difference in the current densities at the junction. This is due to the
very nonlinear junction current-voltage characteristics. As a result, the base-emitter junction has very
nonuniform current distribution across the junction. Most of the current flows through the part of the
junction closest to base contact. For transistors with larger emitter areas, the current crowding effect is
more significant. This nonuniform transistor current distribution makes the high-current phenomena,
such as the base conductivity modulation and the Kirk effect, start for smaller currents than given by
Equations 1.22 and 1.23. The current crowding effect is also responsible for the change of the effective
base resistance with a current. As base current increases, the larger part of emitter current flows closer to
the base contact, and the effective base resistance decreases.

Base Emitter

Collector

FIGURE 1.5 Current crowding effect.




Monolithic Device Models 1-9

1.1.5 Small-Signal Model

Small-signal transistor models are essential for AC circuit design. The small-signal equivalent circuit of
the bipolar transistor is shown in Figure 1.6a. The lumped circuit shown in Figure 1.6a is only an
approximation. In real transistors resistances and capacitances have a distributed character. For most
design tasks, this lumped model is adequate, or even the simple equivalent transistor model shown in
Figure 1.6b can be considered. The small-signal resistances, r, and r,, are inversely proportional to the
transistor currents, and the transconductance g, is directly proportional to the transistor currents

Vi gV v I
o eVe_meVeBe o Ve I (1.24)
Iy Ic Ic M VT

where
1 is the forward emission coefficient, ranging form 1.0 to 2.0

Vr is the thermal potential (V=25 mV at room temperature)

Similar equations to Equation 1.24 can be written for the reverse transistor operation as well.

The series base, emitter, and collector resistances Rp, Rg, and Rc are usually neglected for simple
analysis (Figure 1.6b). However, for high-frequency analysis it is essential to use at least the base series
resistance Rg. The series emitter resistance Ry usually has a constant, bias-independent value.
The collector resistance Rc may significantly vary with the biasing current. The value of the series
collector resistance may lower by one or two orders of magnitude if the collector junction becomes
forward biased. A large series collector resistance may force the transistor into the saturation mode.
Usually, when collector-emitter voltage is large enough, the effect of collector resistance is not significant.
The SPICE model assumes constant value for the collector resistance Rc.

The series base resistance Rp may significantly limit the transistor performance at high frequencies.
Due to the current crowding effect and the base conductivity modulation, the series base resistance is a
function of the collector current I [4]

Rpop ~ Rppi
Rg = Rpmin +—— > — (1.25)
0.5+ 1/0.25+ &
KF
where
Ixe is B high-current roll-off corner
Rpo is the base resistance at very small currents
Rgmin is the minimum base resistance at high currents
C
(1-Xg0) Coe Re
—| e TC
cs
O_J Ry 0 Xeje Cae | g [1Ssc
. L I - [
T Vi Em V1 I S £ "1 8m V1 o
R b
(@) E (b)

FIGURE 1.6 Bipolar transistor equivalent diagrams. (a) SPICE model and (b) simplified model.
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Another possible approximation of the base series resistance Ry, as a function of the base current Iy, is [4]

[ 1441
tanz — z 1+ ol 1
Rg = 3(Reo — Remin) 2

+ Romiy 2= (126)

ztan?z 4 [
w2 \/ Igs

where Iy is the base current for which the base resistance falls halfway to its minimum value.

The base-emitter capacitance Cpg is composed of two terms: the diffusion capacitance, which is
proportional to the collector current, and the depletion capacitance, which is a function of the base-
emitter voltage Vgg. The Cyg capacitance is given by

vgg \ "
+C]E0 1 —V_ (1.27)

where
VEo is the base—emitter junction potential
Tg is the base transit time for forward direction
Cjgo is the base—emitter zero-bias junction capacitance
myg is the base-emitter grading coefficient

The base-collector capacitance Cyc is given by a similar expression as Equation 1.27. In the case when
the transistor operates in forward-active mode, it can be simplified to

VBC e
Cac = Gico (1 T ) (1.28)
JCo

where
Vjco is the base-collector junction potential
Cjo is the base—collector zero-bias junction capacitance
myc is the base—collector grading coefficient

In the case when the bipolar transistor is in the integrated form, the collector-substrate capacitance
Ccs has to be considered

Ves\ ™™
CCS = C]so (1 - W) (129)
0

where
Vso is the collector-substrate junction potential
Gyso the collector-substrate zero-bias junction capacitance
mys is the collector-substrate grading coefficient

When the transistor enters saturation, or it operates in the reverse-active mode, Equations 1.27 and 1.28
should be modified to

Is exp (m) Voo~
WS BE
CGeg=mr———"72-+G (1——) (1.30)
BE 3 - VT JEO VIEO

I exp (—VK—> Vi)~
Cac =TR—————-E]£T—-+C]C()<1 —ﬁ) (1.31)

Nr VT Vico
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1.1.6 Technologies

The bipolar technology was used to fabricate the first ICs more than 40 years ago. A similar standard
bipolar process is still used. In recent years, for high-performance circuits and for BICMOS technology,
the standard bipolar process was modified by using the thick selective silicon oxidation instead of the
p-type isolation diffusion. Also, the diffusion process was substituted by the ion implantation process,
low-temperature epitaxy, and Chemical Vapor Deposition (CVD).

1.1.6.1 Integrated NPN Bipolar Transistor

The structure of the typical integrated bipolar transistor is shown in Figure 1.7. The typical impurity
profile of the bipolar transistor is shown in Figure 1.8. The emitter doping level is much higher than the
base doping, so large current gains are possible (see Equation 1.19). The base is narrow and it has an
impurity gradient, so the carrier transit time through the base is short (see Equation 1.17). Collector
concentration near the base-collector junction is low, therefore, the transistor has a large breakdown
voltage, large Early voltage Vap, and CB depletion capacitance is low. High impurity concentration in the
buried layer leads to a small collector series resistance. The emitter strips have to be as narrow as
technology allows, reducing the base series resistance and the current crowding effect. If large emitter
area is required, many narrow emitter strips interlaced with base contacts have to be used in a single

5pm

—

B

E C
ANy BN

n-epi

n*-buried layer /

p~-substrate

FIGURE 1.7 NPN bipolar structure.

1\ N
1020 Emitter
n+
1019 ] o
Base
1018 ﬂ_ Buried
1017 + Epi
10 - P
n pm
L B R T — >
1 2 3 4

FIGURE 1.8 Cross section of a typical bipolar transistor.
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transistor. Special attention has to be taken during the circuit design, so the base-collector junction is not
forward biased. If the base—collector junction is forward biased, then the parasitic PNP transistors
activate. This leads to undesired circuit operation. Thus, the integrated bipolar transistors must not
operate in reverse or in saturation modes.

1.1.6.2 Lateral and Vertical PNP Transistors

The standard bipolar technology is oriented for fabrication of the NPN transistors with the structure
shown in Figure 1.7. Using the same process, other circuit elements, such as resistors and PNP
transistors, can be fabricated as well.

The lateral transistor, shown in Figure 1.9a uses the base p-type layer for both emitter and collector
fabrication. The vertical transistor, shown in Figure 1.9b uses the p-type base layer for emitter, and
the p-type substrate as collector. This transistor is sometimes known as the substrate transistor. In
both transistors the base is made of the n-type epitaxial layer. Such transistors with a uniform and
thick base are slow. Also, the current gain B of such transistors is small. Note, that the vertical transistor
has the collector shorted to the substrate as Figure 1.10b illustrates. When a PNP transistor with a large
current gain is required, then the concept of the composite transistor can be implemented. Such a
composite transistor, known also as superbeta transistor, consists a PNP lateral transistor, and the
standard NPN transistor connected as shown in Figure 1.10c. The composed transistor acts as the
PNP transistor and it has a current gain B approximately equal to BynpBrpn.

B C E C B
n-epi
n*-buried layer J
(@) p~-substrate

E

B
p* K P j - K p* /
n-epi

p~-substrate

(b C

FIGURE 1.9 Integrated PNP transistors: (a) lateral PNP transistor, and (b) substrate PNP transistor.

E
E
B )E B ./?E gq ., B .)N’
B: < D—HBIBZ
B
C
(c) ¢ -

@ b

FIGURE 1.10 Integrated PNP transistors: (a) lateral transistor, (b) substrate transistor, and (c) composed transistor.
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1.1.7 Model Parameters

It is essential to use proper transistor models in the computer aided design tools. The accuracy of
simulation results depends on the model accuracy, and on the values of the model parameters used. In
Section 1.1, the thermal and second-order effect in the transistor model are discussed. The SPICE bipolar
transistor model parameters are discussed.

1.1.7.1 Thermal Sensitivity

All parameters of the transistor model are temperature dependent. Some parameters are very strong
functions of temperature. To simplify the model description, the temperature dependence of some
parameters are often neglected. In this chapter, the temperature dependence of the transistor model is
described based on the model of the SPICE program [3-5]. Deviations from the actual temperature
dependence will also be discussed. The temperature dependence of junction capacitance is given by

C](T) = C]{l + my [4.010_4(T - TNOM) +1- @} } (1.32)
J

where Tyowm is the nominal temperature, which is specified in the SPICE program in the .OPTIONS
statement. The junction potential V}(T) is a function of temperature

T
=Y Tnom

T
— 3VTln< > —EG(T) +EG T (1.33)
Tnom T

NOM

The value of 3 in the multiplication coefficient of above equation is from the temperature dependence of
the effective state densities in the valence and conduction bands. The temperature dependence of the
energy gap is computed in the SPICE program from

7.0210747?
E(T) = Eg — ——— 1.34
olT) = Eq T + 1108 (1.34)

The transistor saturation current as a function of temperature is calculated as

X1
I(T) =, <,T_> exp [EG(T_—TNOM)} (1.35)
TNoM

VrTnom

where Eg is the energy gap at the nominal temperature. The junction leakage currents Isg and Isc are
calculated using

Tnom

Xni—Xrs _
) exp [M] (1.36)

Ip(T) = ISE( 12V Toont
E

and

Xr1—Xr
> exp [.EG_(T__TNO_M)} (1.37)

Isc(T) = Isc( Ve Tron
C

Tnom

The temperature dependence of the transistor current gains B and By are modeled in the SPICE as

X8 T X1
) » Br(T) = Bg (T ) (1.38)
NOM

Br(T) = sz(

Txom
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The SPICE model does not give accurate results for the temperature relationship of the current gain § at
high currents. For high current levels the current gain decreases sharply with the temperature, as can be
seen from Figure 1.3. Also, the knee current parameters IKF, IKR, IKB are temperature-dependent, and
this is not implemented in the SPICE program.

1.1.7.2 Second-Order Effects

The current gain [ is sometimes modeled indirectly by using different equations for the collector and
base currents [4,5]

Ic :IS(T) (exp Vo exp VBC> 5(D) (exp Vac 1) — Isc(T) (exp Ve _ 1) (1.39)

Q& NV a N VT a Br(T) Mg V1 a MNeVr
where
1 1+4
O = +v14+4Qx (1.40)
2(1- ¥ )
Var Var
I(T Vi I(T \%
Qx = ( )<exp BE —1> + ( )(exp Be —1> (1.41)
Ixr Me VT Ixr R VT
and
Is ( Ve ) ( VBE ) Is ( Vac Vac
=—|ex — 1| +ILglex — 1|+ |exp — 1|+ Il ex —1] (1.42)
? Br p’TIFVT pTIEVT Br Mg VT p’TICVT
where

I is the base-emitter junction leakage current

Isc is the base—collector junction leakage current

g is the base-emitter junction leakage emission coefficient
M is the base—collector junction leakage emission coefficient

The forward transit time 7% is a function of biasing conditions. In the SPICE program the T parameter is
computed using

TF = TF0

1%
, ICC:IS<exp BE —1) (1.43)

Icc 2 Vi
1+ X ex
T <Icc + ITF> P 1.44Vp Mg VT

At high frequencies the phase of the collector current shifts. This phase shift is computed in the SPICE
program following way

IC((.!)) =Ic CXp(j(l)PTF'TF) (1.44)

where Pry is a coefficient for excess phase calculation.
Noise is usually modeled as the thermal noise for parasitic series resistances, and as shot and flicker
noise for collector and base currents

4kTAf

X (1.45)

o
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— KpI4F
2= <2qIB + FFB )Af (1.46)

iZ = 2qIcAf (1.47)

where Kg and Ag are the flicker-noise coefficient and flicker-noise exponent. More detailed information
about noise modeling is given in Section 3.2.

1.1.7.3 SPICE Model of the Bipolar Transistor

The SPICE model of bipolar transistor uses similar or identical equations as described in this chapter
[3-5]. Table 1.1 shows the parameters of the bipolar transistor model and its relation to the parameters
used in this chapter.

TABLE 1.1  Parameters of SPICE Bipolar Transistor Model

Typical SPICE

Name Used Equations SPICE Name Parameter Description Unit Value Default
I 1.10, 1.11 1S Saturation current A 1071 107t
Isg 1.39 ISE B-E leakage saturation current A 10" 0
Ie 1.39 1CS B--C leakage saturation current A 107"2 0
Br 1.14, 1.16, 1.21 BF Forward current gain — 100 100
Br 1.14, 1.16, 1.21 BF Reverse current gain — 0.1 1
ME 1.15, 1.24, 1.30, 1.31, NF Forward current emission — 1.2 1.0
1.39 through 1.41 coefficient
MR 1.15, 1.24, 1.30, 1.31, NR Reverse current emission — 13 1.0
1.39 through 1.42 coefficient
Ne 1.39 NE B-E leakage emission coefficient — 1.4 1.5
uts 1.39 NC B-C leakage emission coefficient — 1.4 1.5
Var 121, 1.40 VAF Forward Early voltage v 200 o0
Var 1.21, 1.40 VAR Reverse Early voltage A% 50 oC
Ixr 1.22,1.23, 1.40 1KF Br high-current roll-off corner A 0.05 oC
Ixr 1.22,1.23, 1.40 IKR By high-current roll-off corner A 0.01 00
Ixg 1.26 1RB Current where base resistance A 0.1 o9
falls by half
Rp 1.25, 1.26 RB Zero base resistance 0 100 0
Rimin 1.25,1.26 RBM Minimum base resistance QO 10 RB
Rg Figure 1.6 RE Emitter series resistance 0 1 0
Rc Figure 1.6 RC Collector series resistance Q 50 0
Cigo 1.27 CJE B-E zero-bias depletion F 107"? 0
capacitance
Cico 1.28 CJC B-C zero-bias depletion F 10712 0
capacitance
Ciso 1.29 cJs Zero-bias collector-substrate F 107? 0
capacitance
Vigo 1.27 VIJE B-E built-in potential \% 0.8 0.75
Vico 1.28 VIC B-C built-in potential \' 0.7 0.75
Viso 1.29 V]S Substrate junction built-in v 0.7 0.75
potential
M 1.27 MJE B-E junction exponential factor — 0.33 0.33
" 1.28 MJC B-C junction exponential factor — 0.5 0.33

(continued)
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TABLE 1.1 (continued) Parameters of SPICE Bipolar Transistor Model

Typical SPICE

Name Used Equations SPICE Name Parameter Description Unit Value Default

myg 1.29 MJS Substrate junction exponential — 0.5 0
factor

Xeje Figure 1.6 XCjJC Fraction of B-C capacitance — 0.5 0

connected to internal base node
(see Figure 1.6)

Te 1.17, 1.28, 1.30, 1.42 TF Ideal forward transit time s 1071 0

TR 1.31 TR Reverse transit time s 1078 0

X1r 1.43 XTF Coefficient for bias dependence — 0
of Tg

Vrr 1.43 VTF Voltage for Tz dependence on v %)
Vac

It 1.43 ITF Current where ¢ =fllc, Vpc) A 0
starts

Prp 1.44 PTF Excess phase at freq=1/(2wrg) ° 0
Hz

Xtp 1.38 XTB Forward and reverse beta 0
temperature exponent

Eg 1.34 EG Energy gap eV 1.1 1.11

X1t 1.35 through 1.37 XTI Temperature exponent for effect — 35 3
on I

Kg 1.46 KF Flicker-noise coefficient — 0

Ap 1.46 AF Flicker-noise exponent —

Fc FC Coefficient for the forward — 0.5 0.5
biased depletion capacitance
formula

Tnom 1.32 through 1.38 TNOM Nominal temperature specified K 300 300

in .OPTION statement

The SPICE [3] was developed mainly for analysis of ICs. During the analysis it is assumed that the
temperatures of all circuit elements are the same. This is not true for power ICs where the junction
temperatures may differ by 30 K or more. This is obviously not true for circuits composed of the discrete
elements where the junction temperatures may differ by 100 K and more. These temperature effects,
which can significantly affect the analysis results, are not implemented in the SPICE program.

Although the SPICE bipolar transistor model uses more than 40 parameters, many features of the
bipolar transistor are not included in the model. For example, the reverse junction characteristics
are described by Equation 1.32. This model does not give accurate results. In the real silicon junction
the leakage current is proportional to the thickness of the depletion layer, which is proportional to V!/™,
Also the SPICE model of the bipolar transistor assumes that there is no junction breakdown voltage.
A more accurate model of the reverse junction characteristics is described in Section 11.5 of Fundamen-
tals of Circuits and Filters. The reverse transit time g is very important to model the switching property
of the lumped bipolar transistor, and it is a strong function of the biasing condition and temperature.
Both phenomena are not implemented in the SPICE model.

1.1.8 SiGe HBTs

The performance of the Si bipolar transistor can be greatly enhanced with proper engineering of the base
bandgap profile using a narrower bandgap material, SiGe, an alloy of Si and Ge. Structure wise, a SiGe
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FIGURE 1.11 Energy band diagram of a graded base SiGe HBT and a comparably constructed Si BJT.
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FIGURE 1.12 Experimental collector and base currents versus EB voltage for SiGe HBT and Si BJT.

HBT is essentially a Si BJT with a SiGe base. Its operation and circuit level performance advantages can
be illustrated with the energy band diagram in Figure 1.11 [13]. Here the Ge content is linearly graded
from emitter toward collector to create a large accelerating electric field that speeds up minority carrier
transport across the base, thus making transistor speed much faster and cutoff frequency much higher.
Everything else being the same, the potential barrier for electron injection into the base is reduced, thus
exponentially enhancing the collector current. The base current is the same for SiGe HBT and Si BJT, as
the emitter is typically made the same. Beta is thus higher in SiGe HBT. Figure 1.12 confirms these
expectations experimentally with data from a typical first-generation SiGe HBT technology. The meas-
ured doping and Ge profiles are shown in Figure 1.13. The metallurgical base width is only 90 nm, and
the neutral base width is around 50 nm. Figure 1.14 shows experimental cutoff frequency fr improvemnent

from using a graded SiGe base, which also directly translates into maximum oscillation frequency fiax
improvement.
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FIGURE 1.13 Measured doping and Ge profiles of a modern SiGe HBT.
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FIGURE 1.14 Experimental cutoff frequency versus collector current for $iGe HBT and Si BJT.

1.1.8.1 Operation Principle and Performance Advantages over Si BJT

In modern transistors, particularly with the use of polysilicon emitter, beta may be sufficient. If so,
the higher beta potential of SiGe HBT can then be traded for reduced base resistance, through the use of
higher base doping. The unique ability of simultaneously achieving high beta, low base resistance,
and high cutoff frequency makes SiGe HBT attractive for many RF circuits. Broadband noise is naturally
reduced, as low base resistance reduces transistor input noise voltage, and high beta as well as high fr
reduces transistor input noise current [13]. Experimentally, 1/f noise at the same base current was found
to be approximately the same for SiGe HBT and Si BJT [14]. Consequently, 1/f noise is often naturally
reduced in SiGe HBT circuits for the same biasing collector current, as base current is often smaller due
to higher beta, as shown in Figure 1.15 using corner frequency as a figure-of-merit.

These, together with circuit-level optimization, can lead to excellent low-phase noise oscillators and
frequency synthesizers suitable for both wireless and wire line communication circuits. Another less
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FIGURE 1.15 Experimentally measured corner frequency as a function of collector current density for three SiGe
HBTs with different base SiGe designs, and a comparatively constructed Si BJT.

obvious advantage from grading Ge is the collector side of the neutral base has less impact on the
collector current than the emitter side of the neutral base. Consequently, as collector voltage varies and
the collector side of the neutral base is shifted toward the emitter due to increased CB junction depletion
layer thickness, the collector current is increased to a much lesser extent than in a comparably
constructed Si BJT, leading to a much higher output impedance or Early voltage. The B X V, product
is thus much higher in SiGe HBT than in Si BJT.

1.1.8.2 Industry Practice and Fabrication Technology

The standard industry practice today is to integrate SiGe HBT with CMOS, to form a SiGe BICMOS
technology. The ability to integrate with CMOS is also a significant advantage of SiGe HBT over III-V
HBT. Modern SiGe BiCMOS combines the analog and RF performance advantages of the SiGe HBT, and
the lower power logic, high integration level, and memory density of Si CMOS, into a single cost-effective
system-on-chip (SoC) solution. Typically, SiGe HBTs with multiple breakdown voltages are offered
through selective collector implantation, to provide more flexibility in circuit design.

The fabrication process of SiGe HBT and its integration with CMOS has been constantly evolving in
the past two decades, and varies from company to company. Below are some common fabrication
elements and modules shared by many if not all commercial first-generation (also most wide spread in
manufacturing at present) SiGe technologies:

1. A starting N subcollector around 5 €)/sq on a p-type substrate at 5 X 10"°/cm’, typically
patterned to allow CMOS integration.

2. A high-temperature, lightly doped n-type collector, around 0.4-0.6 wm thick at 5 X 10"*/cm”.

3. Polysilicon-filled deep trenches for isolation from adjacent devices, typically 1 wm wide and
7-10 pm deep.

4. Oxide filled shallow trenches or LOCOS for local device isolation, typically 0.3-0.6 wm deep.

. An implanted collector reach through to the subcollector, typically at 10-20 Qum®.

6. A composite SiGe epi layer consisting of a 10-20 nm Si buffer, a 70-100 nm boron-doped SiGe
active layer, with or without C doping to help suppress boron out diffusion, and a 10-30 nm Si cap.
The integrated boron dose is typically 1-3 X 10" /cm?.

%]
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FIGURE 1.16 Structure of a modern SiGe HBT.

7. A variety of EB self-alignment scheme, depending on device structure and SiGe growth approach.
All of them utilize some sort of spacer that is 100-300 nm wide.
8. Multiple self-aligned collector implantation to allow multiple breakdown voltages on the same chip.
9. Polysilicon extrinsic base, usually formed during SiGe growth over shallow trench oxide, and
additional self-aligned extrinsic implantation to lower base resistance.
10. A silicided extrinsic base.
11. A 100-200 nm thick heavily doped (>5 X 10*°/cm®) polysilicon emitter, either implanted or
in situ doped.
12. A variety of multiple level back-end-of-line metallization schemes using Al or Cu, typically
borrowed from parent CMOS process.

These technological elements can also be seen in the electronic image of a second-generation SiGe HBT
shown in Figure 1.16.

R

1

2.

N N U

eferences

. J.J. Ebers and J. M. Moll, Large signal behavior of bipolar transistors. Proceedings IRE 42, 1761-1772,

December 1954.

H. K. Gummel and H. C. Poon, An integral charge-control model of bipolar transistors. Bell System

Technical Journal 49, 827-852, May 1970.

. L. W. Nagel and D. O. Pederson, SPICE (Simulation Program with Integrated Circuit Emphasis).
University of California, Berkeley, ERL Memo No. ERL M382, April 1973.

. P. Antognetti and G. Massobrio, Semiconductor Device Modeling with SPICE, McGraw-Hill,
New York, 1988.

. A. Vadimiresku, The SPICE Book, John Wiley & Sons, Hoboken, NJ, 1994.

. A.S.Grove, Physics and Technology of Semiconductor Devices, John Wiley & Sons, Hoboken, NJ, 1967.

. S. M. Sze, Physics of Semiconductor Devices, 2nd ed., John Wiley & Sons, Hoboken, NJ, 1981.

. G. W. Neudeck, The PN Junction Diode, Vol 11, Modular Series on Solid-State Devices, Addison-
Wesley, Upper Saddle River, NJ, 1983.




Monolithic Device Models 1-21

9. R. S. Muller and T. I. Kamins, Device Electronics for Integrated Circuits, 2nd ed., John Wiley &
Sons, Hoboken, N7, 1986.

10. E. S. Yang, Microelectronic Devices, McGraw-Hill, New York, 1988.

11. B. G. Streetman, Solid State Electronic Devices. 3rd ed., Prentice Hall, Upper Saddle River, NJ, 1990.

12. D. A. Neamen, Semiconductor Physics and Devices, Irwin, 1992.

13. J. D. Cressler and G. Niu, Silicon-Germanium Heterojunction Bipolar Transistor, Artech House,
Norwood, MA, 2003.

14. G. Niu, Noise in SiGe HBT RF technology: Physics, modeling and circuit implications, Proceedings of
the IEEE, pp. 1583-1597, September 2005.

1.2 Metal-Oxide-Silicon Field Effect Transistor
John Choma, Jr.

1.2.1 Introduction

Integrated electronic circuits realized in metal-oxide-silicon field effect transistor (MOSFET) technology
are ubiquitous in both the commercial and military sectors of the technical community. To be sure,
transistors manufactured in certain bipolar and III-V compound transistor technologies compete
successfully with their MOSFET counterparts from such performance perspectives as switching speed,
wideband frequency response, and insensitivity to electromagnetic interference and irradiated environ-
ments. Nevertheless, the MOSFET reigns supreme in the extant state of the electronics art for several
reasons. The first of these reasons derives from the fact that the cross-section geometry of a MOSFET,
when compared to that of most other solid-state transistors, is simpler. This simplicity affords a relative
ease of foundry processing, which in turn promotes high device yield and therefore, cost-effective
manufacturing. A second reason is that the surface area consumed on chip, or footprint, of a MOSFET
is generally smaller than that of a comparably performing bipolar or III-V compound transistors. This
feature allows increased packing density, which is particularly advantageous for digital signal processors
that commonly require upwards of millions of transistors for system functionality. Third, MOSFETs
can deliver acceptable circuit performance at low standby power levels, which is a laudable attribute
in light of the aforementioned high device density digital architectures and the portability culture in
which society is immersed presently. Finally, the native insulating oxide indigenous to the monolithic
processing of silicon semiconductors renders MOSFET technologies amenable to the implementation
of complex electronic systems on a single chip. No such native oxide prevails in III-V compound
technologies, thereby rendering awkward the electrical isolation among the various components,
subsystems, and subcircuits that comprise the overall electronic system.

The penchant toward adopting MOSFET technology for analog signal processing applications can also
be rationalized. In particular, the nature of modern integrated systems is rarely exclusively digital or
exclusively analog. Such systems are, in fact, “mixed signal” architectures that embody both digital and
analog signal processing on the same chip. Because of the simplicity, packing density, and power dissipation
attributes of MOSFETs, virtually 100% of digital architectures are realized in MOSFET technology.
Prudence alone accordingly dictates a MOSFET technology realization of the analog cells implicit to a
mixed signal framework if only to facilitate the electrical interface between the analog and digital units.

Aside from the operating flexibility and programmability advantages boasted by digital circuit schema,
digital circuits in mixed signal architectures are often required to assure and sustain performance
optimality of the analog signal flow paths in an electronic system. Unlike most digital networks, high-
performance analog circuits are sensitive to specific values, or at least specific ranges of values, of several
of the key physical and electrical parameters that effectively define the electrical properties of MOSFETs.
Unfortunately, attaining the requisite accuracy in the numerical delineation of these parameters becomes
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progressively more daunting as the performance metrics imposed on an analog network become more
challenging and as device geometries scale to meet omnipresent quests for wider signal processing
passbands. In these high-performance systems, digital subsystems are often deployed to sense the
observable performance metrics of an analog signal flow path, compare said metrics to their respective
optimal design goals, and then appropriately adjust the relevant electrical parameters or signal excitations
implicit to the signal path. In effect, the combined digital controller and analog network behave as a
seamless adaptive system that automatically corrects for manufacturing vagaries, increased device
operating temperatures, and certain environmental effects.

The most commonly utilized MOSFETs in modern electronic systems come in two flavors: the
N-channel MOSFET (NMOS), diagrammed in Figure 1.17 and the P-channel MOSFET (PMOS)
shown in Figure 1.18. In the NMOS device of Figure 1.17, the bulk substrate is P-type and is doped to
an average acceptor impurity concentration of N, for which a representative range of values is 5(10'%)
atoms/cm® < N, <10'® atoms/cm”. Tts vertical depth, which is not expressly highlighted in the figure, is
many times larger than the depth, Y4, (of the order of a few tenths of microns) of either the source or
drain diffusions or implants. These regions, whose widths are indicated as L and which are connected
electrically to the source (S) and drain (D) terminals of the MOSFET, are very strongly doped in that
their donor impurity concentrations are Np = 10°° atoms/cm? or larger. The width, Ly, is typically two-
or three-times the channel length, indicated as L in the diagram. The metallization contact that forms the
electrical terminal of the semiconductor bulk (B) is generally connected to the most negative potential
available in the circuit into which the subject transistor is embedded. Such a connection reverse biases the
PN junctions formed between the bulk and source regions and between the bulk and drain regions. This
reverse biasing ensures that for at least low signal frequencies, the source and drain regions are electrically
isolated from each other and from the bulk substrate. In certain types of multiwell IC processes, bulk-
source and bulk-drain reverse biasing is assured simply by returning the bulk terminal directly to the
source region contact.

Bulk or
substrate @

FIGURE 1.17 A simplified three-dimensional depiction of an N-channel MOSFET (NMOS) and its corresponding
electrical schematic symbol. The diagram is not drawn to scale.
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FIGURE 1.18 A simplified three-dimensional depiction of an P-channel MOSFET (PMOS) and its corresponding
electrical schematic symbol. The diagram is not drawn to scale.

Lying atop the P-type bulk substrate is an insulating silicon dioxide layer of thickness T, that extends
into the page as shown by a gate width, W. The oxide thickness in the extant state of the art is of the
order of several tens of angstroms, where 1 A is 10™® cm. This oxide layer entirely covers the channel
length, L, that separates the source region from the drain region, and it may overlap the source and drain
regions by the amount, Ly, indicated in the diagram. The overlap of the source and drain regions is
undesirable in that it limits broadband frequency responses in certain types of MOSFET amplifiers.
In processes boasting self-aligned gate capabilities, L4 is ideally reduced to zero. But for state of the art
processes delivering channel lengths as small as 65-130 nM, gate self-alignment focused on reducing Ly
to no more than 5% of L is a challenging undertaking. The gate width, W, can be no smaller than the
minimum channel length that can be produced by the identified foundry process. Subject to this proviso,
the gate aspect ratio, W/L, is a designable parameter selected in accordance with the operating require-
ments of the circuit application for which the considered MOSFET is utilized.

The gate terminal (G) is formed by a contact made of a metallic or a polycrystalline silicon layer
deposited directly atop the gate oxide. The gate metal of choice is aluminum. If the MOSFET under
consideration is used in high-temperature environments and/or in applications that exploit low power
supply voltages, polycrystalline silicon, which is commonly referred to as polysilicon, supplants the
aluminum gate.

In addition to the simplified cross-section diagram of the N-channel MOSFET, Figure 1.17 inserts the
electrical schematic symbol of the NMOS transistor. Of particular interest are the positive reference
conventions adopted for four device currents and four device voltages. Specifically, positive drain current,
Iy, flows into the transistor, as do the gate current, I, and the bulk, or substrate, current, I, while positive
source current, I, flows out of the transistor. It follows from Kirchhoff’s current law that

I ZId—}—Ig—}-Ib‘ (1.48)
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However, since the gate contact is isolated from the semiconductor bulk by an insulating oxide layer, I, is
zero at the low frequencies for which capacitive phenomena associated with the insulating gate dielectric
are insignificant. Moreover, the bulk current, I, is likewise almost zero at low signal frequencies,
provided, as is usually the case, that care is taken to ensure reverse biasing of the bulk-drain and
bulk-source PN junctions. Accordingly, the source and drain currents, I, and I4, respectively, are
essentially identical when the frequencies of signals applied to the MOSFET are low. The pages that
follow demonstrate that the static and low-frequency value of the drain, and hence the source, current is
controlled by the gate-to-source voltage, Vg, the drain-to-source voltage, Vq,, and, to a somewhat lesser
extent, the bulk-to-source voltage V. Stipulating an additional dependence of drain current on gate-to-
drain voltage V,q is superfluous, for by Kirchhoff’s voltage law,

Vis = Vgs — Vg (1.49)

The P-channel MOSFET abstracted in Figure 1.18 is architecturally identical to its N-channel counter-
part. The notable differences are that the bulk substrate in PMOS is N-type and the source and drain
regions are heavily doped with P-type impurities. It follows that electrical isolation between the source
region and the bulk, as well as between the drain region and the bulk, requires that the bulk substrate
terminal of a PMOS device be connected either to the most positive of available circuit potentials or, if the
process allows, to the source terminal. All of the geometrical parameters and their representative values
remain the same as stipulated in conjunction with the NMOS unit. The PMOS electrical schematic
symbol, which is also shown in the figure at hand, differs from the NMOS symbol in that the directions of
the source terminal and bulk terminal arrows are reversed, as are the positive reference directions of all
four transistor currents. While Equation 1.48 remains applicable, the analytical expression for the drain
current, Iy, which now flows out of the transistor, is more conveniently couched in terms of the source-
to-gate voltage, V,, the source-to-drain voltage, V4, and the source-to-bulk voltage, Vg, The drain-to-
gate voltage, Vg, derives from

Va = ng - Vdg’ (150)

which mirrors Equation 1.49 subsequent to multiplying both sides of this equation by —1.

1.2.2 Channel Charge

A fundamental understanding of the physical charge storage and charge transport mechanisms that
underpin the observable volt-ampere characteristics of considered transistors facilitates the reliable and
reproducible design of high-performance analog networks in MOSFET technology. Aside from estab-
lishing a foundation upon which the static characteristic curves of a MOSFET can be constructed in a
physically sound framework, these charge profiles also serve to define the voltage-dependent nature of
the capacitance characteristics of a MOSFET. In effect, the subject charge profiles posture the MOSFET
as a plausible varactor, which is useful in the monolithic design of voltage controlled oscillators, active
filters, and other electronic networks.

The profile of charge stored in the channel between the source and drain regions of a MOSFET is best
examined in terms of the simple circuit given in Figure 1.19a. In this circuit, the drain terminal is short
circuited to the source to pin the drain-source voltage, Vs, to zero. A zero bias is applied as indicated
between the bulk and source, thereby establishing a charge depletion region about the PN junction
formed between the substrate and source regions. Since the source and the drain are electrically
connected to one another, the zero bias applied between bulk and source establishes an identical
depletion zone about the bulk—drain PN junction. These depletion layers are delineated in the companion
cross-section diagram of Figure 1.19b, as are the surface potential, ¢,, and the potential, Vi, dropped
across the gate silicon dioxide layer. With V4, = 0, Equation 1.49 ensures a gate-source voltage, Vg, that
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FIGURE 1.19 (a) NMOS transistor operated with V4, =0 and V;, = 0. Although the battery connected between the
gate and the source ensures Vg, > 0, Vg <0 is allowed in the discussion that references this circuit. (b} Cross-section
diagram corresponding to the circuit in (a). Note that all applied voltages are referred to the source terminal. The
diagram in (b) is not drawn to scale.

(b

mirrors the gate-drain voltage, V4, regardless of the voltage applied between gate and source or gate and
bulk terminals. In the absence of drain, source, bulk, and gate currents, V4, =0 also guarantees that
surface potential ¢,, measured from the oxide semiconductor interface-to-the neutral zone of the bulk
substrate, is the same throughout the channel region extending from x=0-to-x=L in the subject
diagram. The aforementioned voltage, V., includes the effects of parasitic trapped charge in the gate
oxide, but it does not include the ramifications of work function differences that unavoidably prevail
between the gate contact and the oxide and at the oxide-semiconductor interface. Note then that the
voltage, V,,, measured at the gate terminal with respect to the bulk terminal is, ignoring work function
phenomena, simply

Ve = Vox + @o- (1.51)

1.2.2.1 Surface Charge Density

A pivotally important analytical tool serving to define the charge, capacitance, and static volt-ampere
characteristics of a MOSFET, is the charge density, Qo(¢,), in units of coulombs per unit area, established
at the semiconductor surface as a function of the surface potential, ¢,. Several authors have identified this
charge profile as [1-3]

Que) = ~sgn(e) () f6—e0) = Glee 27 (152)
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where £,=1.037 pF/cm denotes the dielectric constant of silicon, and

_[+1 forg,>0
sgn(@,) = { 1 fore, <0 (1.53)
In Equation 1.52,
Vr =kT/q (1.54)

is the familiar semiconductor thermal voltage for which k= (1.38)(107%) J/K is Boltzmann’s constant,
g=1(1.60)(10""°) C is the magnitude of electron charge, and T is the absolute temperature of
the semiconductor surface. The voltage, Vg, in the radical on the right-hand side of Equation 1.52 is
the Fermi potential, which is given by

i

N
Vel Vpln (FA) (1.55)

where N, is the previously defined average acceptor impurity concentration of the bulk substrate in
NMOS and N; = (1.45)(10"%) atoms/cm? is the intrinsic carrier concentration of silicon at T'=27°C. The
parameter, Dy, is known as the electron Debye length and is given by

A 8sVT
N 1.56
Dy2 /qNA (1.56)

Finally, the function, G(ip,), in Equation 1.52 is

G(‘Po) - e‘PO/VT -1- %;: (157)

where it is understood that the surface potential, ¢,, measured with respect to the charge neutral zone in
the bulk in Figure 1.19 is established in response to an applied gate-bulk voltage, Vi, or an applied gate-
source voltage, Vg, Observe that G(g,) = G(—¢,) =0 for ¢, =0, which delivers the expected result in
Equation 1.52 of Q,(0) = 0. It should be understood that Equation 1.52 is premised on Poisson’s equation
and the Boltzmann carrier relationship,

p(0) = Naye™%/V1, (1.58)

where p(0) signifies the hole concentration at the surface if complete ionization of substrate dopant atoms
is tacitly presumed. Since

p(0)n(0) = N7, (1.59)

the corresponding concentration of free surface electrons, n(0), is

NZ
n(0) = N_le¢o/VT — NAe(‘Po'ZVF)/VT’ (1.60)
A

where Equation 1.55 has been exploited.
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Because G(¢,) in Equation 1.57, as well as its companion relationship, G(—¢,), is a nonnegative
number for all positive and negative values of the surface potential, the radical on the right-hand side of
Equation 1.52 is a positive real number. Accordingly, Equation 1.53 forces Q,(p,) >0 for ¢, < 0 and
Qo(@,) <0 for @, > 0. The positive nature of the surface charge density for negative surface potentials is
indicative of bulk substrate holes attracted to the semiconductor surface because of the force exerted by
the surface electric field established in response to negative surface potential. From Gauss’ law, this field,
say Eq(¢,) is simply

o) = - 28 i) (Y2L) /6l + Glege s, (LoD

which is indeed negative for ¢, < 0. Observe that Equation 1.58 supports the contention of an enhanced
surface hole concentration when the potential established at the semiconductor surface is negative.

An equilibrium condition, which is more commonly referred to in the literature as the flatband
operating condition, is reached when the applied gate-bulk or gate-source voltage produces a null surface
potential, that is, ¢, =0. For ¢, =0, the net surface charge, Q,(¢,), in Equation 1.52 is zero, as is the
surface electric field, E,(¢,), in Equation 1.61. Note further that by Equation 1.58, p(0) = N,, which is
the equilibrium hole concentration indicative of the NMOS bulk substrate for the transistor abstracted in
Figure 1.17, assuming complete ionization of all substrate acceptor impurity atoms.

The negative surface charge prevailing for positive surface potentials, which gives rise to positive
surface fields (field lines directed from the surface-to-the bulk substrate), reflects the surface charge
depletion forged in response to holes repelled from the surface by ¢, > 0. Once again, Equation 1.58 is
supportive of the proffered rationale in that it confirms a diminished surface hole concentration for
progressively larger ¢,. Since departed holes leave in their wake a depletion zone of negative acceptor
ions, the negative surface charge density resulting from positive surface potential is hardly surprising.

In addition to repelling holes from the semiconductor surface, Equation 1.60 indicates that the surface
electron concentration increases as the surface potential, ¢, rises above zero. Moreover, Equation 1.52
lends credence to this enhanced electron concentration claim since Q,(¢,) is seen as becoming mono-
tonically more negative as surface potential ¢, rises above zero. Indeed, the impact of the positive electric
field associated with ¢, > 0 is to establish a force serving to attract the minority carriers (electrons) in the
bulk substrate to the surface. For a surface potential in the range, 0 < ¢, < Vg, the depletion charge
contribution to the net surface charge continues to dominate over the charge associated with electrons
cajoled to the surface, and the surface is said to operate in depletion mode. But as ¢, approaches and
ultimately surpasses the Fermi potential, Vg, the impact on the nature of the surface charge becomes
increasingly more interesting. For example, consider ¢, = V&, for which Equations 1.58 and 1.60 yield
p(0) = n(0) = N;, that is, the hole and electron concentrations at the surface are identically equal to the
intrinsic carrier concentration. In effect, the surface region of the semiconductor changes from obviously
P-type-to-intrinsic type, which is to say that the surface at ¢, = V& is neither P-type nor N-type.

For Vi < ¢, < 2V, Equations 1.58 and 1.60 project a surface electron concentration that actually
exceeds the surface hole concentration, despite the originally P-type character of the semiconductor
surface. In this range of surface potentials, the depletion layer at the surface continues to expand into the
substrate but because of the enhanced electron concentration, the surface is said to operate in a condition
of weak inversion. Weak inversion is significant from an engineering perspective in that it begins to
establish the necessary condition for promoting observable drain and source current flow. In particular,
suppose that the drain-source voltage, Vy;, were to be increased from its present null value to a suitably
positive value. The presence of a significant mobile surface charge density in the form of free electrons
allows said electrons to be transported from the source-to-the drain by the force associated with the
lateral electric field established in response to V> 0. In turn, this charge transport gives rise to a drain
current flowing into the transistor and a source current flowing out of the device.
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When ¢, rises to the value, 2Vg, Equation 1.60 confirms a surface electron concentration that is
numerically equal to the substrate doping concentration, N,. In other words, the surface electron
concentration precipitated by the strong positive electric fields implicit to ¢, =2V is identical to the
equilibrium hole concentration evidenced in a silicon mass whose impurity concentration of completely
ionized acceptor atoms is Ns. The surface has effectively changed its sex from its former P-type state to a
field-induced (hence the terminology, “field-effect,” in the FET nomenclature) N-type state. Since the
resultant surface electron concentration, #(0), is rendered substantive, appreciable drain and source
currents can flow for even modest values of applied drain-source voltages. In effect, the transistor can be
said to be “turned on” when ¢, rises to twice the Fermi potential in the sense that a capability for
substantial drain current flow is forged. When ¢, > 2VE, the semiconductor surface is strongly inverted,
or simply inverted.

Figure 1.20 displays a representative surface charge density profile as a function of the surface
potential. Since a logarithmic charge scale is required to display all salient features of the charge
density, the negative nature of the surface charge for positive surface potentials compels plotting
the magnitude of the surface charge density on the vertical (charge) scale in the subject figure.
The horizontal (voltage) scale is normalized to the thermal voltage, V1. The plot invokes the presump-
tions of a 27°C semiconductor surface temperature and a substrate impurity concentration of
N, = 10" atoms/cm®. For these stipulations, the thermal voltage is Vr=25.89 mV, and the Fermi
potential is Vg =288.4 mV, whence Vg/Vr =11.14. The plot displayed in Figure 1.20 clearly identifies
the regions of hole accumulation (¢, < 0), surface depletion (0 < ¢, < 2 V), weak inversion, as typified
by the increased concentration of free electrons at the surface (Vi < ¢, < 2V%), and strong inversion,
for which ¢, > 2Vg.
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FIGURE 1.20 The magnitude of the surface charge density in the channel interfacial region for the MOSFET
configured as shown in Figure 1.19b. A surface temperature of 27°C is assumed, as is a substrate impurity
concentration of Ny = 10'° atoms/cm®.
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1.2.2.2 Gate-Bulk Capacitance

The density of the net gate-to-bulk capacitance, Cgp(®,), of the MOSFET whose cross-section diagram
appears in Figure 1.19b is a series combination of the oxide capacitance density, C,,, and the density of
capacitance Cy(p,), which is established between the oxide-substrate interface and the charge neutral
region of the bulk. The pertinent equivalent circuit for V4,=0 is the structure depicted in Figure 1.21b,
for which

Coxcd(‘Po)
C = 1.62
gb(‘Po) Cox + Cd(‘Po) ( )
In Equation 1.62,
£
Cox = T— (1.63)
where &,, = 345 fF/cm is the dielectric constant of silicon dioxide. Moreover,
d|Qo(,)|
C =, 1.64
a(®,) do. (1.64)

where the surface charge density, Qu(¢,), is defined by Equation 1.52. After a trifle of differential calculus
pain, it can be shown that

(e‘Po/VT _ l)e—ZVF/VT _ (e—ﬂPo/VT - 1)

VG(—0,) + G(p,)e 2Vi/Vs

Ca(@,) = sgn(¢,) \/ng (1.65)

The result at hand defines the surface capacitance density for all values of the surface potential, ¢, A
problem arises for ¢, = 0 in that the right-hand side becomes an indeterminate 0/0 form. This problem is
circumvented by supplanting the exponential terms on the right-hand side of Equation 1.65, inclusive of
those embedded in the functions, G(¢,) and G(—@,,), by their second order MacLaurin series expansions.
Upon replacement of these exponential terms by said expansions, the surface capacitance density at the
flatband condition, ¢, =0, is found to be

Ca(0) = % V14 eVl % A Cps, (1.66)
+f _________ ¥
VOX Cox
T--—Ilnterface Vb
"
o I Cd ((Po)

FIGURE 1.21 (a) NMOS transistor of Figure 1.19a operated with V4 =0 and V},;=0. (b) Circuit model between
the gate and bulk terminals of the transistor in (a).
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where Cyp is termed the surface flatband capacitance. The indicated approximation exploits the pre-
sumption that the impurity concentration, Ny, in the bulk substrate is significantly larger than the
intrinsic carrier concentration, Nj, of silicon. It follows from Equation 1.62 that

Cob (o) 1
£ vl - o (1.67)
Cox H+ Cale,)
for which
Cgb(o) ~ 1

~ . (1.68)
~TEER)

Figure 1.22 displays a plot of the normalized gate-bulk capacitance, Cgp(¢o)/Cox as a function of the
normalized surface potential, ¢,/ V7, at room temperature (27°C) conditions. The relevant MOSFET is
presumed to have an acceptor impurity concentration, Ny, in the bulk of 10'° atoms/cm?, and a gate
silicon dioxide thickness, T, of 30 A. The curve shows that in strong accumulation where ¢, < 0, the
gate-bulk capacitance per unit area approaches the density of the oxide capacitance, C,,. This observa-
tion reflects engineering expectations in that ¢, < 0 attracts a very large concentration of holes to the
surface, for which the associated charge density serves to increase dramatically the surface density of
capacitance, Ca(¢,). Indeed, for ¢, < 0, it is a simple matter to show that Equation 1.65 collapses to

b ool 1 b
AR/ VT — 1 %/, 1.69
*<0 " 2Dy V2D, (1.69)
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FIGURE 1.22 The normalized gate-to-bulk capacitance of the N-channel MOSFET shown in Figure 1.21a as a
function of the indicated normalized surface potential. The temperature of the oxide-semiconductor interface is
taken to be T=27°C, the oxide thickness is T,, =30 A, and the acceptor impurity concentration in the bulk is
Na=10"° atoms/cm?, The curve is applicable to only low signal frequencies.
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which clearly suggests a sharp rise in capacitance density with the absolute value of the negative surface
potential. Since the surface capacitance density can be viewed as a ratio of the silicon dielectric constant,
g to an effective and voltage-dependent dielectric thickness, say y(¢,), observe a dielectric thickness
associated with Equation 1.69 of

H(Bo)l g, 0 ~ V2Dpe eI/, (1.70)

which diminishes rapidly with progressively more negative surface potentials.

As the surface potential increases toward and beyond zero, the normalized capacitance plotted in
Figure 1.22 decreases because a depletion layer begins to form at the interface. This depletion layer acts as
a dielectric whose thickness increases as a nominal square root function of the surface potential. Under
the depletion condition, the surface capacitance given by Equation 1.65 can be approximated by

Cd(‘PU) (1.71)

| &s
Depletion ~ ’
[$o
\/EDb V;)- 1

which implies a depletion layer thickness, say yq4, (not to be confused with Yy, the depth of the source and
drain regions) of

[
Ya éy(‘Po)iDepletion ~ Db 2 (_0 o 1> : (1'72)

Equation 1.71 approximates the actual surface capacitance density to within an error magnitude of
nominally less than 10% for 3Vt < ¢, < 20V7. This allowable range of surface potential can actually be
extended to embrace ¢, <2V since for ¢, > Vi, an appreciable portion of the charge observed at the
interface can be attributed to free electrons, and not simply to the ionic charge in the depletion layer
forged by holes repelled from the interface.

As @, continues to increase, Ca{®,), and hence Cy,(¢,), continues decreasing toward a minimum value
that is achieved at a value close to a surface potential of 2V, which is the threshold of strong surface
inversion. At this potential, the thickness of the depletion layer implicit to the interfacial capacitance
density is maximized since further increases in the surface charge density derive dominantly from
electrons attracted to the surface. Rather than indulge in the academic propriety of using Equation
1.65 to compute the exact surface potential commensurate with minimal surface capacitance density,
engineering prudence encourages the simplified approach of presuming ¢, =2Vr to be a sufficiently
accurate requirement for minimal depletion capacitance. Upon adoption of this stance, Equation 1.72 is
suitable for computing the maximum thickness, say Wy, of the depletion layer. Accordingly,

W4l y(2VE) &~ Dy 2(%—1) (1.73)
Vr

and since 2V is invariably much larger than the thermal voltage, V1, Equation 1.56 allows this result to
be written as

SSVF
Wy~ 2, |22 (1.74)
d qNA
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The resultant minimum density of surface depletion capacitance is

€ 1 Nags
cd(zvla)zwsdmE qv:' (1.75)

Using Equations 1.67 and 1.63, the corresponding density, Cp;,,, of minimum gate-bulk capacitance is

80)( / TDX

ij_n ~ Cgb(ZVF) ~ —g—v—
0X E
1+2 (T_ox) qNas

(1.76)

Observe that the maximum factor by which the effective gate~bulk capacitance can be reduced is

COX 80 V
x1+2( ) £ (1.77)

which involves parameters that are largely out of the control of the circuit designer. By inspection of
Figure 1.22, this capacitance perturbation requires a surface potential swing extending from roughly
— 15V (about —400 mV at 27°C) to 2 Vg (generally smaller than 600 mV). Although the requisite surface
potential excursion is somewhat large for maximal capacitance modulation, it should be noted that the
maximum capacitance change factor predicted by Equation 1.77 can be as large as almost 100.

As @, increases beyond twice the Fermi potential, the interface charge density increases robustly as the
semiconductor surface begins to invert strongly. Figure 1.22 resultantly displays an increasing bulk-gate
capacitance density, not unlike the increased capacitance prevailing in strong accumulation because of
holes attracted to the interface. Under actual measurement conditions, however, the indicated increased
capacitance for ¢, > 2V5 is observed only when the frequencies of signals established between the gate and
bulk are below a few tens of hertz [4-6]. The problem is that for most practical signal frequencies, the
recombination—generation rates of electrons in NMOS devices are unable to track with the signal-induced
exchanges in charge between the neutral bulk and the inversion layer. Figure 1.23 displays the true gate-
bulk capacitance characteristics for practical signal frequencies, wherein the dashed segment drawn for
¢o > 2V5 is the applicable high-voltage capacitance trace for frequencies above a few tens of hertz.

1.2.2.3 Approximate Depletion Zone Analysis

As delineated in the discussion pertaining to the surface charge density defined by Equation 1.52, the
MOSFET in Figure 1.21a exhibits depletion at the oxide-semiconductor interface for surface potentials
satisfying the constraint, 0 < ¢, < 2Vg. The formation of the surface depletion zone is critically important
to the establishment of the volt-ampere characteristics of a MOSFET because it serves as a precursor to
the surface inversion that comprises the necessary condition for drain and source current conduction.
Recall, for example, that weak inversion is said to initiate at ¢, = VF, in the sense that the original P-type
character of the interfacial semiconductor is transformed to intrinsic material. When o, is elevated to
2V, the surface is strongly inverted in that the concentration of free electrons at the surface increases to a
value that is identical to the average impurity concentration in the substrate. Although the concentration
of surface electrons begins to increase for ¢, barely above zero, as is highlighted by Equation 1.60, an
electron concentration commensurate with the possibility of substantial drain and source current flow
does not materialize until the surface potential, ¢,, reaches the immediate neighborhood of twice the
Fermi potential. An attribute of Equation 1.52 is that this relationship does not explicitly distinguish
between immobile depletion charge and mobile electron charge, both of which contribute to the observed
surface charge density. A shortfall of Equation 1.52 is that its analytically cumbersome nature all but
precludes the development of mathematically tractable expressions for the volt—-ampere characteristics of
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FIGURE 1.23 The capacitance characteristics of Figure 1.22 for the conditions of both low and high signal
frequencies.

a MOSFET. Fortunately, the awkwardness of Equation 1.52 is mitigated if the reasonable approximation
is made that for 0 < @, < 2 Vg, the charge in the surface channel region derives exclusively from depletion
phenomena, that is, a substantive density of free electron charge does not materialize at the surface until
Po=2 Vg

To the extent that the entire substrate region is uniformly doped at the indicated impurity concentration
of N, and assuming complete ionization of all substrate impurity atoms, the resultant concentration, say
p(y), of immobile ionic charge in the depletion zone throughout the channel region from source-to-drain is
nominally constant at the value, —gN4. Of course, the electron concentration at the surface increases in
proportion to the decreased hole population therein but as long as ¢, remains smaller than 2V, Equation
1.60 confirms that the free electron concentration is significantly smaller than Ny.

Figure 1.24a depicts the depletion charge density, p(y), beneath the oxide-semiconductor interface,
where Wy represents the depth of the depletion layer established at the interface. Using Gauss’ law, the
electric field, E(y), promoted by this charge concentration profile derives from

4EG) _ pb) (1.78)
dy g ’
Since p(y) = —gN, for 0 <y < Wy, Equation 1.78 implies
E(Wy) Wy
N,
J dE(y) = —qg—“ J dy. (1.79)
E) Ty
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FIGURE 1.24 (a) The approximate profile of the depletion charge concentration at the surface of the MOSFET
depicted in Figure 1.21a. (b) The electric field intensity as a function of bulk substrate depth measured with respect to
the interfacial surface, corresponding to the charge profile in (a). (c) The potential implied by the electric field plot in (b).

In view of the fact that E(Wy) is zero in the undepleted, charge neutral substrate region corresponding
to W > Wy, Equation 1.79 produces the linear electric field relationship,

_NaWa () vy N _ViWa( v
E() =" (1 Wd)_ o7 (1 Wd)’ (1.80)

where Equation 1.56 for the Debye length is invoked. Equation 1.80 is sketched as a function of the
substrate depth variable, y, in Figure 1.24b. Observe that maximum field intensity prevails at surface
where

E(0)2E, = g (%) (1.81)

The potential, @(y), corresponding to the field intensity, E(y), stipulated by Equation 1.80 satisfies
— (Wa —y). (1.82)

If zero reference potential is ascribed to the substrate depth, Wy, beyond which the substrate is charge
neutral, Equation 1.82 sets forth

J del(y) = qu J (Wa — y)dy, (1.83)
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whence the bulk substrate potential, ¢(y), referenced to the potential evidenced at the substrate depletion
depth, Wy, is

_aNaWR Ly L (W Y
¢(y) = 2% (1 Wd>—2Vr Dy l“Wd , (1.84)

whose functional dependence on variable y is sketched in Figure 1.24¢c. Equation 1.84 suggests that the
surface potential, ¢(0), which is effectively the net voltage dropped across the depleted region of the bulk
substrate, is

» (1.85)

NAW? 1 (Wa\> E,Wg
o(0)4 g, = 1 d=—Vr<f> =2

2€, 2 Dy 2

Since the interface potential, ¢,, and hence the depletion depth, Wy, is controlled externally by the
applied gate-to-bulk voltage, Vi, it is of interest to determine @, as an explicit function of Vg, To this
end, the electric field intensity, Eoy, in the silicon dioxide layer of the structure of Figure 1.19b is uniform
throughout the oxide thickness by virtue of the insulating nature of the oxide. Ignoring work function
phenomena prevailing between the gate contact and gate oxide, as well as between the oxide and
semiconductor surface, this field is simply

ng — @

Eox = Tox

(1.86)

Equation 1.86 also invokes the approximation that the voltage dropped from the bottom of the depletion
region-to-the bulk terminal is essentially zero. This assumption is reasonable in that the substrate is
ultimately reverse biased to preclude substantive bulk current flow. Moreover, the holes displaced from
the interface region-to-the neutral bulk render the neutral substrate zone a low resistivity volume.
Because the field immediately below the interface is E,, as defined by Equation 1.81, continuity
constraints mandate

EoxEox = &Eo, (1.87)
or
Vb — @ Vr Wy Wy
" =g ~ Cpg| — | V7. 1.88
£o ( Tox “\ o | g ) Ve (1.88)

Armed with Equations 1.86, 1.63, and 1.85, parameter W, in Equation 1.88 can be eliminated to arrive at
the utilitarian expression,
ng =@, + 2V9‘p0) (189)

where the voltage metric, Vy, termed the body effect voltage, is given by

CFB z € 2 Tox : qNASS
Vg =V- =Vr|— — | = . .90
¢ ! <C0x> T <SOX> Dy CZ, (1.90)
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Parameter Vi is generally of the order of the mid-tens of microvolts.* Observe that Vj is proportional to
the square of the oxide thickness, T,, and is therefore reduced sharply with diminishing gate oxide
thickness.

The final step to the problem of determining the dependence of interface potential ¢, on applied gate-
to-bulk voltage Vi, involves a straightforward solution of Equation 1.89 for ¢,. The result is

@ = Vg + Vo — 1/ Ve (2Vg + Vi). (1.91)

As expected, ¢, =0 for Vi, = 0. Ordinarily, Vy is much smaller than practical values of the gate-to-bulk
voltage, Vg, so that Equation 1.91 can be approximated as

®o ~ Vep — 1/2Ve Vi, (1.92)
which is similar in form to Equation 1.89.

1.2.2.4 Threshold

The approximate depletion regime analysis executed in Section 1.2.2.3 conveniently precipitates an
analytical definition of the threshold condition, that is, the condition whereby strong inversion materi-
alizes at the oxide-semiconductor interface. It has been demonstrated that the onset of the threshold
condition corresponds to a surface potential, ¢,, of twice the Fermi potential. Accordingly, threshold
requires that the gate-bulk voltage Vi, in Equation 1.89 rise to a value, say Vi, such that

ngh =2Ve 4+ 2y Vy V. (1.93)

It is to be understood that a gate-to-bulk voltage, Vi, satisfying the constraint, Vi, > Vyp, is commen-
surate with instilling strong inversion at the surface of the MOSFET depicted in Figure 1.21a. On the
presumption that the depth, Wy, of the depletion layer, corresponding to ¢, =2V is unaltered by gate-
bulk voltage increases beyond the threshold value, Vi, the resultant charge profile offered in Figure
1.24a changes into the form diagrammed in Figure 1.25. In this diagram, Nj is the concentration of free

PO
Y, Wy
0 .
Depletion

£
—qNy £

g

o
_qN s

FIGURE 1.25 The approximate profile of the charge concentration for a strongly inverted surface in the MOSFET
depicted in Figure 1.21a.

* Most HSPICE and other SPICE simulators use a body effect parameter to compute the extent to which the bulk-source
voltage perturbs the gate-source threshold voltage. This body effect parameter, vy, derives from y* =2V,
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electrons in the surface inversion layer, and Y is the thickness of the inversion layer. Depending on
the value of the gate-bulk voltage excess, (Vi — Vgpn), Y5 is typically 20%-50% larger than the electron
Debye length.

Two circumstances limit the utility of Equation 1.93. The first of these is that MOSFETs are often
operated with nonzero bulk-source bias, as opposed to the zero bias presumed to this juncture. If a bulk-
source voltage, Vi, is applied to the MOSFET in Figure 1.21a, the potentials at both the oxide-
semiconductor interface and the bottom of the depletion layer are elevated by an amount, V},, which,
in concert with earlier admonitions, is invariably a negative voltage to ensure reverse biasing of the bulk-
source and bulk-drain PN junctions. Thus, the results documented in Section 1.2.2.3 remain valid
because the voltage developed across the depletion layer is still the surface potential, ¢,, exploited
therein. However, since the surface potential rises by V), one of the necessary modifications to results
disclosed earlier is that Equation 1.60 for the free electron concentration at the surface must be
modified as

2
2(0) = D5 ot Ve Ny, 0 Voa2V2)/ Vi (1.94)

Recall that the measure for the onset of strong inversion in a MOSFET is a surface electron concentra-
tion, #(0), that equals to the hole concentration, N, in the equilibrium substrate. In order to effect this
strong inversion condition, Equation 1.94 suggests the necessity of a surface potential that is at least as
large as (2Ve — Vi), as opposed to merely 2Vi. Accordingly, the effect of bulk-source biasing on the
gate-bulk threshold voltage can be embraced by replacing the voltage, 2V, in Equation 1.93 by the
voltage (2VEg — Vi) so that

ngh = (2V]: — Vbs) + ZVQ(ZVF — Vbs)- (1.95)

The second shortfall of Equation 1.93 stems from the fact in actual circuit design environments, it is far
more convenient to stipulate the minimum gate-source voltage, Vg, and not the minimum gate-bulk
voltage, V,, that establishes the onset of strong inversion. Since Vi, is the voltage sum, (Vg + Vi),
adding Vy to both sides of Equation 1.95 delivers a gate-to-source threshold voltage, say V}, of the form,

Vs
v, = Vh0+2\/V9VF< 1—2“; - 1), (1.96)
F

where Vy,,, which represents the zero bias (Vs =0) value of the gate-source threshold potential, is

Vio = 2(Ve + vVVo VE). (1.97)

In practice, the zero bias value, V},,, of gate-source threshold voltage is best evaluated through meas-
urement since it is strongly influenced by gate region work function phenomena and parasitic charges
trapped in the gate oxide layer, whose engineering effects are difficult to quantify accurately and reliably.
Observe in Equation 1.96 that the effect of an increasing bulk-to-source reverse bias (Vi< 0) is to
increase the threshold voltage above its zero bias value, V},,, as a square root function of V. This bulk-
induced modulation of the threshold potential is rendered small by small values of the square root of
parameter Vy, which Equation 1.90 projects as directly dependent on the gate oxide thickness, T,,. One
reason for the current penchant toward progressively decreased oxide thickness is the minimization of
threshold voltage modulation, which is generally an undesirable effect in MOSFETSs deployed in analog
network applications.
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1.2.3 Volt-Ampere Characteristics

The static volt-ampere characteristics of the N-channel MOSFET in Figure 1.17 stipulate the dependence
of the static drain current, Iy, on the static values of the gate-source voltage, Vi, the drain-source
voltage, Vy,, and the bulk-source voltage, Vi, which is invariably a nonpositive voltage. It is convenient
to partition these characteristics into three segments; namely, the cutoff regime, the ohmic regime, and the
saturation regime.

1.2.3.1 Cutoff Regime

The cutoff regime is the most boring of the three MOSFET operating domains in that no drain current
flows in cutoff, despite all reasonable positive value of the drain-source voltage, V.. Since drain current
conduction requires surface inversion at the oxide-substrate interface, zero current is assured when no
such charge inversion prevails. In turn, no inversion layer is formed when the gate-source voltage, Vj,,
lies below its threshold value, V. Thus, in cutoff,

Li=0, if Vgs < Vy. (1.98)

As Vg, rises above zero but remains below Vi, a subthreshold current is induced from the drain-to-the
source regions for V4 >0 [7]. This current is manifested by the fact that, as is conveyed by Equation 1.94,
the interfacial free electron concentration increases slightly for surface potentials above 0 V. However, the
current evidenced in the subthreshold regime is small because of the limited availability of free surface
electrons. As a result, the gain and frequency response, in addition to the actual drain current, that the
transistor is capable of mustering are limited. Aithough subthreshold operation enjoys utility in certain
types of low-power system applications, such as hearing aids, where neither gain nor bandwidth are
daunting requirements, it is rarely exploited in broadband and other high-performance applications.

1.2.3.2 Ohmic Regime

In the ohmic regime, which is sometimes called the triode regime, Vi > Vi, and Vo < (Vg — V). Thus,
the interfacial surface of a MOSFET is strongly inverted in the ohmic domain, and simultaneously, a
relatively small voltage is applied from the drain-to-the source. The voltage difference, (Vg — V), is
commonly referenced as the drain saturation voltage, Ve that is,

Vasar 2 Vg — Vi (1.99)

Because of Equation 1.49, observe that the provision, Vg4, < (Vi — V4), is equivalent to the requirement,
Vgd > Vh. This is to say that a MOSFET operates in the ohmic regime if and only if both the gate-source
and the gate-drain voltages are larger than the threshold potential. Viewed in yet another fashion,
Vgs > Vi and Vg > Vi, ensure that both the source and the drain ends of the interfacial surface between
the source and the drain regions are strongly inverted. A conduit, or channel, of free electrons that
electrically couples the source to the drain is thereby established.

The aforementioned channel of free electrons is highlighted in the device cross section abstracted in
Figure 1.26. Because Vs> V} and Vg > Vi, the electron inversion layer extends throughout the entire
surface region from the source-to-the drain. But since Vgg= (Vg — Vy,) and Vg4, >0, the gate-to-drain
bias, V4, is necessarily smaller than its gate-to-source counterpart, Vg, It follows that the surface
potential in the neighborhood of the drain region is smaller than that prevailing near the source region,
whence the electron concentration near the drain is smaller than it is at the source. Accordingly, the
channel of electrons depicted in the figure at hand does not have a uniform depth (y-direction) and is, in
fact, deeper at the source site, where x=0, than it is at the drain site, which is typified analytically by
x= L. For analogous reasons, the depletion region established about the source, at the interface, and at
the drain is widest near the drain.
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FIGURE 1.26 Cross section of the N-channel MOSEET operated in its ohmic regime. Note that all applied voltages
are referred to the source terminal. The diagram is not drawn to scale.

An additionally important point is that the channel potential, symbolized in Figure 1.26 as ¢.(x), is
measured with respect to the source site. This notation is not to be confused with the previously invoked
variable, ¢,(y), which measures the potential at the interfacial surface with respect to the neutral region of
the bulk substrate. The change in symbolism is reasonable and is encouraged by two issues addressed in
the Section 1.2.3.3. The first of these issues is that the bulk-source biasing voltage, V},, has been absorbed
into the threshold voltage metric stipulated by Equation 1.96. Second, this threshold voltage has been
defined in terms of the gate voltage, Vg, measured with respect to the source, as opposed to the gate
voltage, Vi, referenced to the bulk terminal. Because V4, is nonzero, the channel potential, ¢ (x), is not a
constant but instead, it varies continuously from ¢ (0) = 0 at the source site where x =0 to ¢.(L) = Vy, at
the drain site where x=L.

An applied drain-source voltage, Vy,, launches a lateral electric field, say E,(¢(x)), that is directed
from the drain site-to-the source site and is functionally dependent on the channel potential, ¢ (x). This
electric field is given by the familiar relationship,

_docl)

ax (1.100)

Ed(ec (%) =

If u,, denotes the mobility of electrons, whose concentration within the surface inversion layer postulated
in Figures 1.26 and 1.25 is Ny(¢(x)), the static drain current, I3, promoted by this lateral field is

Is = —qp, WY (@ ()] [Ns(pc(x)) | Ex(@c(x))

= g, WIYs(@(0)][Ns(ec ()] d@dciX) ’

(1.101)

where Y (¢.(x)) is the inversion layer thickness introduced in Figure 1.25 and depicted as dependent on
the channel potential, ¢ (x), in Figure 1.26. It is worthwhile noting that the product, p,.E.(¢.(x)), is the
velocity of electrons propagated through the inversion layer. This velocity is zero, thereby implying zero
drain current, if the gradient, d¢ (x)/dx, of channel potential is null. In turn, the channel potential
gradient is zero if the applied drain-source voltage, Vg, is zero.
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If it is assumed that increases in the channel potential over and above the threshold level incur no
change in the geometry of the interfacial depletion region and instead, only cause electrons to be attracted
to the surface, Gauss’s law predicts

q[Ys(@c(x))][Ns(@c(x))] = EoxBox(@c(x))s (1.102)
with Eox(p(x)) symbolizing the oxide electric field, which is given by

Vox Vgs —Vh— (Pc(x)

E == 1.103
ox(@c(x)) Toe Tor ( )

Recalling Equations 1.63, 1.103, and 1.102 combine with Equation 1.101 to deliver
Igdx = P, Cox W[ Vs — Vi, — @ (x)]dep(x). (1.104)

An integration of the left-hand side of this result from x =0 to x=L is tantamount to integrating the
right-hand side of said result from ¢, (0)=0 to ¢(L)= Vg, Assuming constant electron mobility
through the channel, the requisite integration is straightforward and leads to the desired volt-ampere
relationship,

w V.
Id =K, (T) Vs (Vgs - Vh - %)) (1.105)

where
Ku2 1, Cox (1.106)

is the so-called transconductance coefficient of the MOSFET. Although K, is termed a transconductance
coefficient, it is not actually a transconductance in that its physical dimension is that of siemens/volt, or
mhos/volt.

Several interesting and enlightening features are advanced by Equation 1.105. The first of these is that
zero drain current prevails if V4o=0, which is reassuring in that a current flow for null drain-source
voltage violates engineering reason, if not the minor issue of conservation of energy. A second, and more
significant, point is that the drain current is directly proportional to the gate aspect ratio, W/L. Thus, for
fixed gate-source and drain-source voltages, the drain current can be increased or decreased in
proportion to this geometric ratio. This controllability over the drain current renders the gate aspect
ratio a designable circuit parameter, subject to the proviso that the circuit designer not attempt to make
the gate width, W, smaller than the minimum channel length, L, that the process foundry is capable of
producing. Thus, if the foundry boasts a 130 nm channel length process, the smallest practical value of
W is, in fact, also 130 nm.

A third important feature of Equation 1.105 is the existence of a value of Vy for which drain current I4
is maximized. By setting to zero the partial derivative of Iy in Equation 1.105 with respect to Vy,, this
extremum is determined to lie at Vy= (Vg — Vi) = Ve, for which the corresponding maximum
current, say Iy, is

K, /W 2 Ky, (W
T = Tn (T) (Vgs - Vh) = 7'1 (T) Vjsat' (1.107)

Recalling Equation 1.99, Vys= Vg corresponds to a gate-drain voltage, Vgq, of Viq=V}, which
implies that the surface potential at the drain end of the channel barely sustains the onset of strong
inversion. In effect, the depth of the electron channel is reduced to zero at the drain site for Vys= Vg,
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FIGURE 1.27 Cross section of the N-channel MOSFET operated in channel pinch off. The diagram is not drawn to
scale.

which justifies the common vernacular of a channel that is pinched off at the drain. The situation at hand
is diagrammed in Figure 1.27.

At first blush, it may appear incongruous that a pinched off channel, which might be viewed as a
means to cut off the supply of electrons to the drain site, can sustain a drain current, yet alone the
maximum drain current postulated by Equation 1.107. The current is indeed sustained because of two
prevailing phenomena. First, the electric field, —de (x)/dx, within the inversion layer encourages the
transit of electrons toward the tapered edge of the channel at the drain site. Second, electrons reaching
the channel edge are influenced immediately by the lateral electric field established by the applied positive
drain-to-source voltage. This field, which is abstracted in Figure 1.27 by the indicated horizontal vectors
directed from the drain region-to-the source region, sweeps those electrons at the inversion layer boundary
into the drain region. The resultant current arising from the transport of electrons across the depletion zone
between the tapered channel edge and the drain is, like the current within the inversion layer, proportional
to the mobility of electrons. In the depletion zone, this carrier mobility is minority carrier mobility, which
is inversely proportional to the background impurity concentration of the bulk substrate. A fundamental
reason for maintaining relatively low impurity concentration in the bulk is the assurance of relatively
high minority carrier (electron) mobility therein so that carriers are swept across the depletion zone at
high velocity, thereby facilitating fast transistor switching and broadband circuit responses.

The fourth interesting feature surrounding Equation 1.105 lends credence to the term, “ohmic,” as a
descriptive for the operating regime at hand. In particular, Equation 1.105 can be expressed in the form,

w Vs Vs
L=K,([—|Va [ Ves Vo ——— | =————, 1.108
¢ n<L> d( # " 2) Rds(Vgs) ( )

with

1

_ _ 1.109
Kn(W/L)(Vgs - Vh - V_st) ( )

Ras ( Ves )

In other words, and as is proffered in Figure 1.28, a MOSFET operated in its ohmic regime, where
Vs > Vi and Vg, < Vg, behaves as a drain-to-source resistance, Rqy(Vy,), whose resistance value is
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FIGURE 1.28 Static circuit model of an N-channel MOSFET operated in its ohmic regime. The transistor can be
operated in such a way that its drain-source terminals emulate a voltage-controlled, nominally linear resistance.

controlled by the applied gate-source voltage, V.. Moreover, the synthesized resistance is approximately
independent of the voltage, Vg, developed across its terminals, and therefore emulates a linear resistance,
if Vas & 2(Vgs — Vi) = 2Vaqar. In effect, the ohmic regime MOSFET is an electronic approximation of a
linear potentiometer whose resistance setting is inversely proportional to the applied gate-source voltage.

1.2.3.3 Saturation Regime

In saturation, which is the volt-ampere domain in which MOSFETs embedded in high-performance
analog circuits function, Vi > Vy, and Vg, 2 (Vg — V). To first order, the drain current in saturation is
taken to be the drain saturation current given by Equation 1.107, which is independent of drain-source
voltage, Vs, that is,

K. (W
Io = 7 (T) (Vs — V)" for Vg > Vi, and Vg > (Vg — Vi). (1.110)

The logic underlying this approximation is that the drain current in saturation is determined by the
surface electron concentration established for the drain-source voltage, Vg, = (Vg — Vi) = Vyeae which
barely allows for an electron channel spanning the entire source-to-drain spacing. Any increase in the
drain-to-source voltage above its saturated value, Vyg. simply adds impetus to the attractive force
exerted on inversion layer electrons by the lateral electric field promoted by the drain-source voltage.

The problem with the foregoing logic is that the drain current given by Equation 1.107 is premised on
Equation 1.105, which in turn invokes the presumption of an electron inversion layer length that is
identical to the channel spacing length, L, separating the source region from the drain region.
If Vys= Viysae incurs pinch off at the drain site, and hence an inversion layer length equal to the channel
length, L, as illustrated in Figures 1.27 and 1.29a, Vg, > Vs, Necessarily incurs pinch off within the
source—drain spacing, as is suggested in Figure 1.29b. Because of the indicated reduction in the effective
channel length from L to (L — AL), the integrated form of Equation 1.104 is now

L—AL Vsat

| tdr= | mCaWlVy - V- e0]deo. (1.111)
0 0

The result of this integration exercise is easily demonstrated to be

K, w 2 L
L= ) (Vi — Vi) = gt | —— ), 1.
¢T3 (L—AL>( s~ Vh) =l t(L—AL) (1112)

where the current, Iy, is given by Equation 1.107 and represents the drain current at the transition
boundary between ohmic and saturation operational regimes. For most practical applications of
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FIGURE 1.29 (a) Cross section of N-channel MOSFET operated in strong inversion and with Vg, = Vg, (b) Cross
section of the MOSFET in (a) operated with Vs > Ve The diagrams are not drawn to scale.

MOSFETs (8], the effective reduction, (L —AL), in channel length relates to the drawn channel
length, L, as

L ~ 1+ Vds - Vdsat)

— =~ 1.1
L—AL Vi (L.113)

where V), termed the channel length modulation voltage,* is given by the semiempirical expression,

LY (Vi\*
Vi = (D_b) (VJF) V32V1 (Ve = Vs + V). (1.114)

* Most HSPICE and other SPICE simulators use a channel length parameter to compute the degree to which the drain-source
voltage affects the drain saturation current. This channel length parameter, A, is A =1/V;.
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In Equation 1.114, Vy is the familiar thermal voltage, Dy is the electron Debye length delineated in
Equation 1.56, and V; is the built-in potential of the bulk-drain PN junction. Specifically,

(1.115)

N
V= VTIH(NA D),

N

with N, Np, and Nj respectively denoting the average impurity concentration in the bulk substrate, the
average impurity concentration of the drain diffusion (or implant), and the intrinsic carrier concentra-
tion of silicon. Equation 1.114 delivers acceptable analytical accuracy for channel lengths, L, that are no
smaller than 0.09 p and drain-source voltages, Vg, that lie within breakdown ratings of the considered
transistor.

The drain current in the saturation regime is now expressible as

Kn w 2 Vds - Vdsat Vds - Vdsat
g~ — | — (Vg — V 14— =gt | 1l + ———— |, 1.116
d 2 (L) ( g h) ( + Vv, dsat + A ( )

where it is understood that the gate-source and drain-source voltages, V; and Vy,, respectively, are
constrained to satisfy the saturation requirements, Vg > Vi, and Vg > (Vg — Vi) = Vg Clearly, the
saturation regime drain current is no longer independent of the drain-source voltage. The current is seen
to rise with Vy, with a slope of I,/ V. Note, however, that this slope is not constant owing to its square
root dependence on V. For large V), which is manifested by long transistor channel length, L, this rate
of current rise with Vs is modest and indeed, the slope of the current-voltage characteristic curve
approaches zero in the limit as V) approaches infinity. These observations and Equation 1.116 itself
suggest that the drain-source port of a MOSFET does not behave as a constant current source whose
value, Ijep is controlled exclusively by gate-source voltage Vg, Instead, the drain-source port is a
practical controlled current source comprised of a constant current generator, albeit controlled by
gate-source voltage Vg, in shunt with a resistive branch. To wit, Equation 1.116 can be written as

vds - vdsat

> (1.117)
V,\/Idsat

Id ~ Idsat +

which suggests the static circuit model provided in Figure 1.30. The subject model is more useful
conceptually than computationally since a change made to V for the purpose of adjusting the nominal
drain current, Iy, influences the resistance value, V, /4., and the voltage offset, Vg, introduced in the
drain-source port.

A complication of the channel length embellishment to the saturation drain current expression is that
Equation 1.116 is discontinuous with the ohmic domain drain current expression in Equation 1.105 at
the transition boundary between respective operating domains. Simple software fixes in commonly

FIGURE 1.30 A large-signal circuit model for an N-channel MOSFET biased to operate in its saturation domain.
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available circuit simulators rectify this incongruity. From an analytical perspective, the problem can be
tacitly ignored, if V) in Equation 1.114 abides by the previously disclosed channel length and voltage
restrictions.

For the convenience of the reader, the relevant expressions for the volt-ampere characteristic curves of
an N-channel MOSFET are synopsized herewith. In particular,

0, Vi< Vi

Iy ~ K,,( )VdS(V - Vi —L‘é), VS > Vi Vias < Vigsar (1.118)

KT (_) (Vgs - Vu ) (1 + Vdm) Vgs 2 Vh; Vis 2 Visar
where Vg, is the voltage difference, (V,, — V}). It is to be understood that the positive reference direction
of the drain current in NMOS is a current flowing into the drain, while the positive reference voltage
polarities reflect those highlighted in Figure 1.17. Moreover, V}, is recalled as a threshold level dependent
on the bulk-source voltage, Vi, in accordance with Equation 1.96. A representative plot of the static
volt-ampere characteristics of an NMOS transistor appear in Figure 1.31.
In the interests of clarity and completeness, the PMOS counterpart to Equation 1.118 is

0, V < Vi
I~ ¢ Kol )Vsd(vs — Vi —ﬁ), Vg > Vi Via < Vasar

% (_) (VSE -V ) (1 + Vdm)) VSg > Vh§ Vsd > Vdsat

(1.119)

where, in terms of the source-gate voltage, Vg, Ve is now given by, (Vg — Vi), the threshold voltage,
which is dependent on source-bulk voltage Vy, in Equation 1.96, remains a positive number, and

Transistion locus:
ohric-saturation
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Drain current (mA)

|
1.5 1.8

Drain-source voltage (V)

FIGURE 1.31 Common-source volt-ampere characteristic curves for an NMOS transistor.
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transconductance parameter K, is now the product of oxide capacitance density and hole mobility. The
positive reference direction of the drain current in PMOS is a current flowing out of the drain, while the
positive reference voltage polarities pertain to those delineated in Figure 1.18.

1.2.3.4 Refinements to the Static Model

The static volt-ampere characteristic in Equations 1.118 and 1.119 exhibit observable errors when
computed currents are compared to experimental measurements executed on deep submicron MOSFET
technology transistors. The principle source of these errors is two types of mobility degradation to which
carriers in the source-to-drain channel are subjected. The first form of mobility degradation derives from
the large lateral electric fields evidenced when even relatively small drain-to-source voltages are applied
across channels whose lengths are smaller than approximately 0.25 . The second form of mobility
impairment is caused by the strong vertical electric fields established by gate-source voltages applied
across thin oxide layers.

1.2.3.4.1 Lateral Electric Fields

The NMOS and PMOS volt-ampere characteristic equations in Equations 1.118 and 1.119 are predicated
on the presumption that the drift velocity, say v,, of carriers propagated through the inverted channel at
the oxide-semiconductor interface is proportional to the lateral electric field, E,[¢.(x)]. This field is, of
course, established in the channel by applied drain-source voltage, V4, (in the case of NMOS) or applied
source—drain voltage V4 (in the case of PMOS). In particular,

Ve = Wol|Exl, (1.120)

where ., represents either the low field value of the electron mobility, p,,, in N-channel devices or the
low field value of the hole mobility, pp, in PMOS. The simpler notation, E, is adopted in Equation 1.120
to represent the potential-dependent field function, E,[¢.(x)]. The need for the absolute value operation
on the right-hand side of Equation 1.120 materializes from the fact that the carrier velocity, which is
always a positive metric, is directed against the direction of the channel field in NMOS. In the case of
NMOS transistors, carriers drift in the direction of the source-to-the drain, whereas the field is directed
from drain-to-source and is therefore negative. For PMOS, no algebraic sign problems are manifested,
since carriers drift in the same direction as the lateral field, whence E, is positive.

The simplicity of Equation 1.120 belies the fact that the carrier drift velocity does not continually
increase in proportion to the electric field. In fact, the carrier velocity saturates at a value, say v;,ax which
is of the order of 0.15 pm/ps in silicon, when electric fields are excessive. In recognition of this physical
phenomenon, Equation 1.120 is supplanted by the empirical relationship,

P~0|Ex|
ve = —FolBxl 1.121
T 12
where
E, = Jmax (1.122)
Mo

is termed the critical electric field. Typically, E, is in the range of 3-5 V/um. A comparison of Equation
1.121 with Equation 1.120 suggests an effective mobility, p., of

Ho

:——1+ B (1.123)

He
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FIGURE 1.32 The dependence of carrier velocity on electric field in a semiconductor. The dashed curve represents
the elementary low field approximation to the velocity-field relationship.

The mobility degradation inferred by the last disclosure bodes potentially decreased frequency response
attributes of considered transistors, since the less mobile free electrons are in the inverted channel, the
longer is the average time required for their transport from the source-to-the drain. Figure 1.32 sketches
the velocity-field relationship implied by Equation 1.121. Note in this plot that the linear, or low field,
approximation to the velocity characteristic is reasonably accurate up to about only 30% of the saturated
limited velocity.

The effect on the ohmic regime drain current of the mobility degradation incurred by strong lateral
electric fields can be studied by returning to Equation 1.104 and replacing the electron mobility, W,
therein by an adjusted mobility, pne, such that

P

= = , 1.124
Hne 1— Ex/Ec 1+1 do.(x) ( )

~|¥
X

where Equation 1.100 is applied and p,, is understood to be the low field value of electron mobility in the
inverted source-to-drain channel. Equation 1.104 becomes

_ BnCox W [Vee = Vi — 0. ()] doc(x)

I b
d 1+ £ d‘piix) dx

(1.125)

which leads to

Vds Vds
1
I de+~ J de (x)| = p,CoxW J [Ves — Vi — 0c(x)] dep (). (1.126)
0 0
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The requisite integrations produce

w Vds(Vgs - Vn— E)
ILi=K,|— 271, 1.127
d (L > 1 T ‘é—‘li: ( )
where
Vie = EL = (Vmax)L (1.128)
M

might be termed the lateral electric field modulation voltage. Observe that Equation 1.127 differs from the
ohmic region volt-ampere relationship in Equation 1.118 by only the dimensionless factor in the
denominator on the right-hand side of Equation 1.127. Appealing to Equation 1.128, this factor is seen
to approach one when the channel length, L, is long. Of course, the subject factor also tends toward unity
if the drain-source voltage, Vy,, is small. The latter point reflects engineering expectations in that small
Vs incurs lateral electric fields that are small enough to minimize field-induced mobility degradation.

A complication spawned by Equation 1.127 is that it no longer delivers the simple relationship for the
drain saturation voltage witnessed in Equation 1.99. By definition, the drain saturation voltage, Vst is
the value of the drain-source voltage, Vg, for which the slope of the ohmic regime Iy versus Vg,
characteristic is zero. An application of this definition to Equation 1.127 leads to the revised drain
saturation voltage,

Visar = Msat(Vgs - Vh)a (1129)
where, with

Vo — Vi
N AL (1.130)

My = (1.131)

It can be demonstrated that M, <1 for a >0 and thus, an impact of carrier mobility degradation
incurred by strong lateral fields in the inverted channel is a decrease in the low field value of the drain
saturation voltage. While mobility degradation is generally an undesirable phenomenon, the drain
saturation voltage decrease is actually good news in low-voltage applications that require MOSFETs to
function in their saturated regimes.

The drain saturation current corresponding to the revised estimate of the drain saturation voltage can
be determined by substituting Equation 1.129 into 1.127. This activity produces the aesthetically pleasing
result,

K, /W K., /W 2
Tgsar ==~ (T) Vi = 5 (f) M, (Vg — Vi)™ (1.132)

In the limit of large channel lengths, V). in Equation 1.128 is large, thereby rendering parameter « in
Equation 1.130 small. But for very small o, M, in Equation 1.131 approaches unity. It is therefore
reassuring that in the limit of large channel lengths, which are incapable of supporting large electric fields
in the inverted channel, I3, in Equation 1.132 collapses to Equation 1.107, a relationship that implicitly
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reflects tacit neglect of field-induced carrier mobility degradation. In contrast, very small channel lengths
give rise to small V). and large o, whence My, in Equation 1.131 reduces to

Vv1+2a -1 2
Msatlsmaﬂ L a ~ & (1.133)
large o

Upon combining the last result with Equation 1.132, the short channel value of I, is found to be
Idsat|sma]l L~ WComeax(Vgs - Vh): (1.134)

where Equations 1.128 and 1.106 are exploited. Observe that the resultant drain saturation current is
independent of the channel length, L. This independence stems from the fact that in the limit of very
small channel lengths, carriers (electrons in the present case of an NMOS transistor) are transported
through the inverted channel at their saturated limited, or maximum, velocity. This maximum velocity of
carrier propagation renders L inconsequential with respect to the average time of carrier transport from
the source region-to-the drain region. But perhaps the most interesting aspect of Equation 1.134 is that
the short channel drain saturation current is a linear function of the gate-source voltage, V. The
linearity posed by Equation 1.134 is an obvious advantage for most analog signal processing applications,
but achieving the velocity saturation implicit to this observed linearity may present voltage biasing
challenges.

Of course, Equation 1.129 through 1.133 apply to the saturation regime of device operation in that in
saturation, the drain current is merely the transistor current, I4,,, evidenced at the boundary of ohmic
and saturation regimes, corrected by channel length modulation effects. To wit, short channel pheno-
mena imply that for Vg > Vi, and Vg > Visar

K, (W Vas — Visa
In= 22 [ | M2 (Vg — Vi) [ 1+ -2t (1.135)
2 \1L Vi

where it is essential to remember that the drain saturation voltage, Vg, is now given by Equation 1.129.
It is clear that M, in Equation 1.129 is properly viewed as a drain saturation voltage correction factor in
a short channel (indeed, deep submicron) environment. Because of Equation 1.135, the square of M,
can be accorded the stature of a current correction factor pertinent to short channel drain currents in the
saturation regime. The dependence on parameter o of these correction factors is displayed in the plots
submitted in Figure 1.33. The indicated correction factors are significant. For example, consider a =2,
which might typically represent a gate-source voltage, Vg, that is about a volt over the threshold
potential. The curves in the figure at hand suggest an approximate 38% reduction in the drain saturation
voltage predicted by the simple long channel model, which corresponds to a =0, as well as about a 62%
attenuation of the corresponding drain saturation current.

Although Equations 1.135 and 1.129 are analytically elegant, their utility in a design-oriented envir-
onment is questionable in light of the dependence of factor My, on parameter a set forth by Equation
1.131. In light of this dilemma, an approximate curve fit of both Mj,, and its square is judicious from an
engineering design perspective. A numerical study of Equation 1.131 reveals that the empirical approxi-
mation,

vV1+2a—1
Mgy = aa ~ _\/T&: (1136)
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FIGURE 1.33 Voltage and current correction factors precipitated by large lateral electric fields in short channel
MOSFETs. The parameter, a, is the effective gate-source voltage, (V,, — V4), normalized to the lateral electric field
modulation voltage, V..

results in an error of at most 4.8% for 0 <a <5. On the other hand, a similar numerical exercise
produces

(1.137)

sat = o 14078

M <\/1+2a—1>2~ 1

to a computational error of at most 5.1% for 0 <a < 5. For most design-oriented purposes, Equation
1.129 can therefore be supplanted by

Visat = Msat(vgs - Vh) = (1 - JTa) (Vgs - Vh)

1 /V,— V4
=(1-=4/ BV (v,,— V), 1.13
( 4 Vie )( S h) ( 8)

while Equation 1.135 becomes for circuit design applications of MOSFET's operated in saturated regimes,
K, /W 5 2 Vds - Vdsat

Li=—{—+ Ve — Vi) [ 1 +———

d 2 <L>Msat( g h) < + Vi
="
2

Vias—Visar
() g - v (s
L & 1+ 0.78a

~
~

K W 1+ V§7Vgsat
== (f) (Ve = V) | ————~ | (1.139)
1+0.78(Lvlei)
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The academic purist who may understandably balk at the foregoing numerical empiricisms is respectfully
reminded that the mobility expression in Equation 1.123 and the “long channel” velocity relationship of
Equation 1.120 are hardly grounded in sound physical phenomenology. Moreover, it is interesting to
note that of the more than 275 parameters indigenous to the commonly exploited Level 49 HSPICE
model of a MOSFET, most are curve fit disclosures that bear no clarion relationship to the physical
charge storage and charge transport mechanisms that underpin the volt-ampere characteristics of a
MOSFET.

1.2.3.4.2 Vertical Electric Fields

Apart from the carrier mobility degradation incurred by strong lateral fields in the inverted channel of a
MOSFET, mobility is impacted by the vertical electric field resulting from the applied effective interface
potential, (Vs — V1,), in the case of NMOS or (Vg — Vi) for PMOS devices. In NMOS, increases in Vg,
strengthens this vertical field so that free electrons transported from the source-to-the drain are
encouraged to drift ever closer to the oxide-semiconductor interface. Unfortunately, the interface is far
from a perfectly smooth boundary, if for no other reason than routine device processing invariably
produces ionic contamination therein. The imperfect boundary causes potentially significant carrier
scattering, which in turn results in diminished carrier mobility.

To first order, the mobility attenuation resulting from increased gate overdrive can be addressed
analytically by replacing the low field mobility, p,, (for NMOS), to which K, in Equation 1.139 is directly
proportional, by an effective carrier mobility, pes such that

_ oy
Peeff = 1t 7VgsV—Vh - (1‘140)

In this expression, V.. is the vertical electric field modulation voltage, which is nominally directly
proportional to the thickness, T,,, of the oxide layer. Of course, an expression analogous to Equation
1.140 prevails for hole mobility in the inverted channel of PMOS transistors. To a very rough approxi-
mation,

Ve = ox/15a (1141)

where T, in units of angstroms returns V.. in units of volts. Because of Equations 1.140 and 1.139 for the
saturation domain current becomes

2
L= & <K>M2 (Vgs - Vh) (1 + Vs — Vdsat)

sat V.V %
(1+52") *

2 Vi Vi

~ K (W> (Ves — V) A

~ VeV V— Vi
(1 + el “) 14078 (—gvle ")

(1.142)

An analogous modification, which amounts to an effective reduction of the transconductance parameter,
K,,, can be made to the ohmic domain current.

Obviously, Equation 1.142 is inordinately more cumbersome than is the simple, square law, volt—
ampere characteristic advanced by Equation 1.110 for device operation in the saturation domain. As a
result, the design-oriented determination of a suitable gate-source voltage for a desired drain current and
corresponding drain-source voltage can be a daunting challenge. But in addition to the computational
problems precipitated merely by algebraic complexity, engineering difficulties are additionally encountered
with respect to the accurate numerical delineation of the model metrics, K,,, Vy, V.., V), and V.. These
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latter difficulties derive from the unfortunate fact that the physical device and charge transport properties
(saturation velocity, carrier mobility, regional concentrations, etc.) on which these and other model
parameters depend are invariably unavailable to the circuit designer. At best, the circuit designer can
reasonably expect to have presumably reliable, detailed device model parameters suitable for computer-
aided simulation of transistor performance. For example, process foundries routinely supply their cus-
tomers with device models in the form of Level 49 HSPICE or other computer-based files. Unfortunately,
many, if not most, of the hundreds of numerical entries indigenous to these files are themselves
nonphysical entities that defy satisfying mathematical relationships to the physical model metrics
discussed in earlier paragraphs. These and related other design-oriented problems can prove exasperat-
ing. The aforementioned issues are best mitigated by coalescing manual design strategies and calculations
with suitable computer-based simulations of device properties and volt-ampere characteristics.

1.2.3.5 Temperature Effects

The operating temperature of the inverted interfacial channel affects the drain current of a transistor in
three ways. First, because thermal energy imparted to free carriers increases their scattering, the carrier
mobility decreases in response to increased operating temperatures. To first order, the electron mobility,
pn(T), at absolute temperature T relates to the mobility, u,(T,), at a reference temperature, T,, in
accordance with the three-halves power law,

T\ 3/2
P (T) = w,(To) (TO) . (1.143)

Because parameter K,, in Equation 1.142 is directly proportional to carrier mobility, Equation 1.143
implies that the drain current of a MOSFET is characterized by a negative temperature coefficient, that is,
the drain current, I, decreases with increasing operating temperature.

A second effect of increased thermal energy is a perturbation of threshold voltage. A computation of
this perturbation is best initiated by returning to Equation 1.96 to evaluate the derivative of the threshold
voltage, V1, with respect to the Fermi potential, Vg. Recalling Equations 1.96 and 1.97, and noting that the
body effect voltage, Vy, in Equation 1.90 is independent of temperature,

dv Vo o Vi— Vio Vi Vi
SYh oy 28 Th T The £ VO bs , (1.144)
dVF VF 2VF 2VF Vh - Vho + 2\/ Ve VF

where Vi, is recalled as signifying the zero bias (V},; =0) value of the threshold potential. Note that the
last two terms on the right-hand side of this expression vanish when a MOSFET is operated with Vi, =0.
The sensitivity of the threshold voltage with respect to temperature follows as

dv, dw  dV
T 2 E (1.145)
dT dvy dT

The temperature derivative of the Fermi potential derives from Equation 1.55, with the proviso that due
account be made of the temperature dependence of the intrinsic carrier concentration, N;. To this end, a
commonly used empiricism is

N = Nig2(T=To)/ T (1.146)

where T, is generally taken to be 10°C and, assuming the reference temperature, T,, is 27°C, N,,, the
intrinsic carrier concentration at T=T,, is the previously used number, (1.45)(10%) atoms/°C. With
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T,,=10°C, Equation 1.146 allows N; to double for each 10°C rise above the reference temperature. Armed
with Equations 1.146 and 1.55 produces

Equations 1.144 and 1.147 combine to yield the final result,

dvh Vo Vi~ Vho Ve Vs Ve Vr
A PR AL UL YE_TTya), 1.148
ar [ "Wt e Ao\ ver v/ I\NT T, (1.148)

where parameters Vj,, Vi, and Vg, are computed at the reference temperature, T,. The indicated
temperature derivative of the threshold voltage is invariably a positive number in the range of 1.5-2.4
mV/°C. Thus, the threshold voltage increases with increasing operating temperatures, thereby leading to
a decrease in the drain current. In other words, the temperature dependence of both the carrier mobility
and the threshold voltage conduce a drain current exuding a negative temperature coefficient.

The algebraic form of Equation 1.148 is thoroughly depressing and is hardly a relationship stored
in the human memories of circuit designers. Fortunately, for MOSFETs featuring thin gate oxides
(under 50 A) and substrate doping concentrations no smaller than 10%° atoms/cm3, the terms in Vg,
(Vi— Vo), and V/T,, are generally negligible, especially if the bulk-source bias, Vi, is no more negative
than 1.5 V. In this event,

dvy, 2Vg

—_— A —, 1.149

dr T ( )
which can be shown to be always larger—generally by no more than 5% or 6%—than the result predicted
by Equation 1.148. For a substrate doping concentration of Ny = (5)(10") atoms/cm3, Equation 1.149
predicts a threshold voltage sensitivity at T=27°C =300.16 K of 2.2 mV/°C.

1.2.4 Transistor Capacitances

At this juncture, the volt-ampere characteristic equations given by Equations 1.118, 1.119, 1.139, and
1.142 pertain to MOSFETS operated exclusively under static or low-frequency signal conditions. Specif-
ically, the drain currents predicted by these relationships are unrealistically cavalier in that they respond
instantaneously to applied gate-source, drain-source, and bulk-source excitations. When high-frequency
signals are applied, the current responses are slowed by device capacitances arising from the charge
storage that prevails in the inverted channel and within the depletion regions formed about the source
and drain diffusions or implants. The engineering implications of this inherent inability of drain currents
to respond instantly to signal excitations are MOSFET circuits exuding constrained bandwidths, nonzero
input/output (I/O) delays and phase shifts, and nonzero rise and fall times in transient responses. In
extreme cases, the interaction of these device capacitances with the energy storage elements of the
peripheral circuit can produce excessive response peaking in either the frequency or time domains and
even outright instability.

1.2.4.1 Depletion Capacitances

The first of the two principle sources of transistor capacitances is the depletion capacitance indigenous to
both of the PN junctions formed respectively between the bulk and drain and between the bulk and
source. In turn, each of these two transition region capacitances consists of a planar component and a
peripheral, or sidewall, component. The planar component embodies the depletion layer established
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between the bulk substrate region and the underside of the source and drain regions. On the other hand,
the sidewall capacitance embraces the depletion layers in the areas of the source and drain regions that
are proximate to the front surface, the back surface, and the side surface area adjacent to the active
channel region. For the bulk-drain depletion capacitance, Cyq,

Coa = (1.150)

where the forms of each of the terms on the right-hand side are observed to mirror the traditional
depletion capacitance associated with a back biased PN junction. In Equation 1.150, C; is the zero bias
(meaning, Vyq = 0), value of the capacitance density, in units of farads/meter?, associated with the planar
component of the bulk-drain capacitance, while i, is the zero bias lineal capacitance, in units of
farads/meter, of the aforementioned sidewall areas. The planar drain area, Ay, is

Agq = WLy, (1.151)

where Ly is recalled in Figures 1.17 and 1.18 to represent the width of the drain region, which is
generally identical to the width of the source implant. Generally, the dimension, Ly must be extracted
empirically from measured data but as a rule of thumb, L is nominally of the order of twice the channel
length, L. Parameter Py, is the effective length of the perimeter of the sidewall area and is stipulated by

Py =W + 2Ly (1.152)

Voltage V; in Equation 1.150 is the built-in potential given by Equation 1.115, while M; and Mj,,, are the
grading coefficients of the planar and sidewall PN junctions, respectively* Typically M;=0.5 and
M., =0.33. An analogous expression, whose terms convey equally analogous engineering interpret-
ations, prevails for the net bulk-source depletion capacitance, Cys. In particular,

AG PG

G = , 1.153
s ) (1159
Z Vi
where in general,
Ay = Aqg = WLy = 2WL
s = dif . (1.154)
P,=P3=W+42Lgr =~ W +4L

1.2.4.2 Gate Capacitances

The second source of MOSFET capacitances is the gate capacitance, which itself is comprised of three
distinct components. The first of these components appears between the gate and the bulk substrate. As is
apparent from Figure 1.23, this particular capacitance has a very small nonzero frequency value in both
weak and strong channel inversion modes, which suggests that the channel inversion layer effectively
shields the gate from the bulk substrate. Because the gate-bulk capacitance is invariably very small,
it bodes little consequence to achievable MOSFET circuit performance and therefore, it is usually
ignored tacitly.

* In HSPICE and other forms of SPICE simulators, the built-in potential, V}, is symbolized by Pg.
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The other two components of net gate capacitance are the gate-source capacitance, Cgq, and the gate-
drain capacitance, Cgqg. Each of these energy storage elements is a superposition of an intrinsic module,
which derives from the gate, gate oxide, and inverted channel, and an extrinsic constituent, which is
attributed to gate oxide overlap at the source and drain sites. Since the inversion layer extends from source-
to-drain in only the ohmic regime of operation, different values of these two capacitances prevail for ohmic
and saturated operation. The maximum possible intrinsic capacitance established between the gate and the
inversion layer is clearly WLC,,. In the ohmic operating regime, this maximum capacitance is partitioned
equally between the source and the drain to give identical intrinsic gate-source and gate-drain capacitance
values; namely, WLC,,/2. Accordingly, in the ohmic regime, the effective gate-source capacitance is

WLC
Cgs = —2 = + chso: (1155)

where Cg, is the capacitance per unit length associated with the oxide-source overlap. Similarly, the
effective gate~drain capacitance in the ohmic operating regime is

Coa =

= WLZC"" + WCyo» (1.156)
where Cgq, is the drain overlap capacitance counterpart to the source overlap region. Typically, Cq,, and
Cgdo are as small as 0.25 fF/um in minimal geometry transistors. Thus, for a transistor characterized by
L =180 nm, W/L =20, and an oxide thickness of T,, =30 A, Cgs = Cga = 4.63 fF. Observe herewith that
the net overlap capacitance is WCgy, = WCgq, = 0.9 fF, which is almost 20% of the total gate-source (or
gate—drain) capacitance.

The capacitance situation in saturation is a bit more intricate than that which prevails in the ohmic
regime. In saturated domains where Vys> Vs, pinch off occurs within the source-to-drain channel,
thereby leaving an effective depletion zone that is free of mobile carriers near the drain site. Accordingly,
the drain-source voltage exerts no influence on the channel charge, and the resultant gate-drain
capacitance derives exclusively from the oxide overlap with the drain, that is, the gate—drain capacitance,
Cga, in saturation is simply

Cgd = WCao- (1.157)

In contrast to the charge depletion prevailing in the channel region adjacent to the drain, a large free
carrier population is concentrated near the source. Since this concentration is influenced strongly by
interface potential, which is determined by the applied gate-source voltage, it is only logical to expect a
comparatively substantial intrinsic gate-source capacitance.

An analytical disclosure of the foregoing gate-to-source capacitance commences with a return to
Equations 1.102 and 1.103. If these two equations are combined and if Equation 1.63 is recalled,

4[Ys(0. )] [Ne(@:(2))] = Cox [V — Vh— ¢ (x) ], (1.158)

where the left-hand side of this relationship is understood to be the density of mobile charge in the
inversion layer. Upon multiplication of both sides of Equation 1.158 by the gate width, W, the resultant
left-hand side of the modified expression represents the net mobile charge per unit length of the
inversion layer. It follows that the net differential mobile charge (amassed by electrons in NMOS), say
dq.[e(x)], contained in a differential channel volume of depth Y[¢.(x)], width W, and length extending
from x to (x + dx), is

dgn(@.(x)) = WCox [Vgs - Vh — (Pc(x)] dx. (1.159)
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Ignoring mobility degradation incurred by lateral electric fields, Equation 1.104 can be used to recast
Equation 1.58 in the form

W 2
dgn(e.(x)) = M"(%)— (Ves — Vi — <Pc(x)}2d<9c(x)~ (1.160)

Equation 1.59 can be integrated conveniently from ¢.(0) to ¢(Vys.y), where the indicated interfacial
potential limits correspond to the boundaries of the channel inversion layer evidenced in saturation. Such
an integration of the left-hand side of Equation 1.59 brackets the net mobile charge, say Q,(V,,), observed
in saturation for a stipulated gate-source voltage, V. In particular,

Vdsal Vdsal
WCox g
Qn (V) = J dgn (¢ (x)) = % J [Ves = Vi — 0 ()] dep(x)
0 o
WCo )
= Pl W) 3, L (e w, (1.161)

where Equation 1.99 is exploited. Using Equation 1.109 to replace the drain current variable, I, in this
relationship results in

2
Qn(Vgs) = 3 WLCox (Vg — Vi) (1.162)

The saturation region value of the intrinsic gate-source capacitance now follows as

dQn(Vy:) _ 2
o = 7 WLCox 1
dv, 3 WLC (1.163)

whereupon the saturation region value of the net gate-source capacitance, Cg, inclusive of oxide overlap
effects at the source site, is

2
Cps = 5 WLCox + WCyo. (1.164)

1.2.4.3 Large-Signal Model

At this juncture, the large signal, or nonlinear, model of an N-channel MOSFET is the structure advanced
in Figure 1.34. Depending on whether the transistor undergoing assessment is operated as an ohmic
regime or as a saturated device, the equation for the indicated controlled current source, I4, derives from
expressions formulated in Section 1.2.3.2 or Section 1.2.3.3 or, for that matter, the model refinements
addressed in Section 1.2.3.4. The depletion capacitances, Cys and Cpg, are not affected by the domain of
transistor operation, but the appropriate regional values of the capacitances, Cy, and Cgq, must be culled
from the discourse in Section 1.2.4.2.

The model at hand also incorporates four resistive elements. The resistances, ry and r,, are respectively
associated with the strongly doped drain and source regions, respectively. These resistances are specified
in HSPICE simulation software by a sheet resistance parameter, Ry,, and drain and source geometric
parameters, N4 and N,. In particular,

(1.165)

ra = NraRin
s = N R
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FIGURE 1.34 Large-signal model of an N-channel MOSFET. A topologically identical equivalent circuit prevails
for P-channel MOSFETs.

Owing to the high doping concentrations of the drain and the source, which begets a small sheet
resistance parameter, Ry, resistances rq and r; are generally sufficiently small to justify their tacit neglect
in most analog circuit applications. In contrast, resistance, r,, which represents an effective spreading
resistance in the bulk substrate, can be as large as the high tens to low hundreds of ohms. Despite its
relatively large value, its impact on analog circuit performance is muted by the fact that the bulk rarely
conducts significant currents, even at high signal frequencies. However, this resistance does influence the
thermal noise characteristics of the drain-source channel.

Like resistance ry, the gate resistance, ry, is likewise important from a thermal noise perspective in that
it captures the salient effects that thermally agitated mobile charge carriers exert on channel potential. It
also looms significant with respect to design problems associated with maximum signal power transfer in
radio frequency (RF) circuits [9]. This resistance is computed as [10]

I (1.166)
! (0Cg)’Ran '

where R, represents the Vy; =0 value of the drain-source channel resistance. Recalling Equation 1.109,

1 _ Msat Vdsat
Kn (%) (Vgs - Vh) 2Idsat

Ra = , (1.167)

where Equations 1.129 and 1.132 have been used. Because of the inverse dependence of 7, on the square
of radial signal frequency, w, r, is infinity for quiescent operating conditions and extremely large for low
to even reasonably high frequencies.

1.2.5 Small-Signal Operation

As noted in Section 1.2.1, MOSFETs are the active device of choice in a plethora of high-performance
analog integrated circuits. When the fundamental objective of these analog networks is linear I/O signal
processing, each MOSFET therein is commonly biased in a saturated regime that ensures, for all applied
signals of interest, an instantaneous drain-source voltage, va,, that is never any smaller than the
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instantaneous drain-source saturation voltage, v4s.. TO be sure, linear signal processing can also be
achieved when transistors operate in their ohmic regimes. But when high performance, in such senses as
high gain, wide bandwidth, large dynamic range, and acceptable driving point I/O impedance levels, is a
fundamental design objective, saturation is the regime of choice. Accordingly, ohmic linear equivalent
circuits of transistors are ignored herewith and left as an investigation exercise for the reader.

A casual inspection of Equation 1.142 suggests that the instantaneous drain current, ig, flowing in an
N-channel MOSFET is a function of three device voltages: the instantaneous gate-source voltage, v, the
instantaneous drain-source voltage, vq4s, and the instantaneous bulk-source voltage, w,, which covertly
influences the threshold potential, V},. An analogous statement applies to P-channel transistors, subject to
the current and voltage conventions adopted earlier. Thus, Equation 1.142 can be generalized as

1 + Vds — Vdsat

. K, /wy 2 v,
~ M  — Vi — | = <> Vds> Vbs ) - 1.168
4 2 (L) sat (Vg h) ( 1+ Vgsva:"h f(Vg Vds> Vb ) ( )

Under zero signal conditions, which is tantamount to operating the considered MOSFET at its quiescent
operating point, it is understood that Equation 1.168 yields

Iy Zf(Vgs’VdS)Vbs)’ (1169)

where the indicated variables in capital letters designate static, or quiescent, device currents and voltages.
In other words, the MOSFET described mathematically by Equation 1.169 is in a standby mode that
awaits the application of dynamic, invariably time-varying, signals. Prior to signal excitation, the
transistor maintains quiescent values of drain current, gate-source voltage, drain-source voltage, and
bulk-source voltage that respectively equal Iy, V,q, V4, and Vi, Signals applied as a current, say Ig,, to the
drain lead and/or a voltages, say V, to the gate-source port, V, to the bulk-source port, or V; to the
drain-source port perturb the quiescent, or Q-point, counterparts of these electrical variables to deliver
the observable net instantaneous current and voltage responses,

ig = Ig + Iy

e = Vet hh (1.170)
Vo = Vs + V2
Vds = Vds + V3

In concert with these relationships, the MOSFET under consideration is said to operate linearly if and
only if the signal-induced changes, Iy, V1, V2, and Vs, interrelate linearly and if and only if the Q-point
currents and voltages are independent of signal strengths. It is crucial to understand that operational
linearity in an electronic device does not imply linear relationships among the instantaneous device
variables, nor does it imply linearity among the corresponding quiescent values of these variables.
Instead, operational linearity implies merely that a selected variable in the selected set of four perturbed
variables in Equation 1.170 linearly superimpose with the remaining three electrical signal components.

1.2.5.1 Fundamental Small-Signal Model

Because of the obviously nonlinear nature of Equation 1.168, questions abound as to the plausibility of
achieving the aforementioned linearity condition among the electrical perturbations induced by applied
signals. Despite its inherently nonlinear nature, Equation 1.168 is a well-behaved functional relationship,
which suggests that the desired linearity might be approximated adequately by limiting all signal
excursions about respective operating point values to sufficiently small levels. This sufficiently small-
signal mandate defines the concept of small-signal analysis and produces a small-signal model of the
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MOSFET. A small-signal analysis reflective of a mathematical exploitation of the corresponding small-
signal model are deemed both appropriate and useful if the retention of only the linear terms of the
Taylor series expansion of Equation 1.168 about the operating point of the considered device leads to
minimal errors in the resultant expression for the signal component of the drain current. Thus,

. 0iq Oiq Oig
g~ Lo+ == (Vgs — Vo) +m—| (¥os — Vis) +
Ves 1g s Q Vs

(vas — Vas)» (1.171)
Q

where each of the three derivatives on the right-hand side of this relationship are evaluated at the Q-point
of the MOSFET, that is, at ig = Iq, vgs = Vigs» Vbs = Vbs» and vg= V. Using Equation 1.170 and noting
that each of the three subject derivatives is a constant having units of conductance, Equation 1.171 can be
couched in the form

V.
Iss = gm Vi + gmb Va +r—3, (1.172)

0o
where

» Big

S
Ovgs Q

0i
gmbéa d

(1.173)
VbS Q
1, Oig

o OVds Q

Equation 1.71 gives rise to the small-signal, low-frequency equivalent circuit depicted in Figure 1.35a.
The subject circuit becomes the small-signal, high-frequency MOSFET model if the four capacitances,
Cgsr Cgd> Cpas and Gy, discussed in Section 1.2.4 are appended as indicated in Figure 1.35b. It is important
to underscore the fact that either of the models in Figure 1.35 gives no information about the
instantaneous electrical variables of a MOSFET, nor does either model allow for the computation
of the quiescent values of these variables. Indeed, the models at hand require a priori knowledge of the
Q-point since the small-signal parameters, gm, gmp> and r,, depend on the operating point, as is implied
by Equation 1.173. Moreover, the four capacitive elements in the model of Figure 1.35b likewise depend
on the Q-point at which the considered transistor is biased. In short, the models in Figure 1.35 give first
order approximations of the interrelationships among only the small-signal components of the net
currents and voltages indigenous to a MOSFET. Although the topologies of both the models drawn in
Figure 1.35 pertain to both the ohmic and saturation regimes of N-channel MOSFET operation, the
equations to be developed shortly for the low-frequency parameters of these models apply exclusively to
the saturation region. Moreover, while Figure 1.35 makes explicit reference to an N-channel transistor, or
NMOS, the small-signal, low- and high-frequency equivalent circuits of PMOS units are identical to their
NMOS counterparts. This topological identity stems from the fundamental fact that the small-signal
models intertwine only signal-induced changes of device currents and voltages about their respective
quiescent values. In an attempt to dispel possible confusion, the latter models are offered in Figure 1.36.

In the low-frequency models of either Figure 1.35a or Figure 1.36a the signal component of the bulk
current, I, flows into an open circuit because the bulk-drain and bulk-source junctions of devices
embedded in analog networks are commonly reversed biased. The low-frequency signal component of
the gate current, I, is very nearly zero because the gate resistance, r,, is, by Equation 1.166, inversely
proportional to the square of the signal frequency. Of course, both of these currents are substantively
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FIGURE 1.35 (a) Small-signal, low-frequency equivalent circuit of an N-channel MOSFET. (b) Small-signal, high-
frequency equivalent circuit of an N-channel MOSFET. The topological structures of either model apply to both the
ohmic and saturation regimes of operation.

larger at high frequencies where the various capacitances in the models of Figures 1.35b and 1.36b
become poor approximations of the open circuits they mirror at low signal frequencies.

The parameter, g, is termed the forward transconductance. It is a critical analog circuit metric in that
it serves as a measure of achievable forward gain. In particular, parameter g,,, when multiplied by the
applied gate-source signal voltage, V,, determines the amount of drain signal current, I;,, manifested by
the applied gate-source signal. On the other hand, the bulk transconductance, g, measures the ability of
a MOSFET to transfer applied bulk-source signal, V,, to the drain signal current response. The
controlled current, g, Vs, is negligible when it is much smaller than is its forward transconductance
counterpart current, g, V;. However, it should be noted that depending on the selected quiescent
operating point, parameter g, can be as much as 15%-25% of the forward transconductance, gm,. The
current, g..,V>, is entirely inconsequential in numerous analog circuits that configure their utilized
MOSFETs in such a way as to operate both the bulk and source terminals at signal ground, which
renders V, =0. Finally, r,, the drain-source channel resistance, appears as a shunting resistive element
across the drain and source terminals. If r, is infinitely large (which, to be sure, it is not in practical
MOSFETs) the drain-to-source small-signal port of a MOSFET behaves as an ideal Norton equivalent
current source, that is, the current level determined largely by g,V is unaffected by modulations in the
drain-source signal voltage, V. It follows that to the extent that the gate-source terminals serve as an input
signal port boasting infinitely large impedance and the drain-source terminals function as the output port,
the MOSFET emulates an ideal transconductance amplifier if the channel resistance, r,, is large.
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FIGURE 1.36 (a) Small-signal, low-frequency equivalent circuit of a P-channel MOSFET. (b) Small-signal, high-
frequency equivalent circuit of a PMOS device.

The determination of the three low-frequency parameters defined in Equation 1.173 requires that the
indicated derivatives of the drain current expression in Equation 1.168 be evaluated. This evaluation is an
algebraically trying task that borders on a futile engineering enterprise in that many of the physical
parameters implicit to Equation 1.168 are rarely disclosed to the circuit designer. It is therefore prudent
to condescend to first order approximations of the subject small-signal parameters by replacing Equation
1.168 with the simpler expression,

. K, (W 2 Vds — Vdsat
~ 1= —V 1+ —], 1.174
14 5 (L)( gs h) ( + A ) (1.174)

which effectively ignores the influence of both lateral and vertical electric fields in the MOSFET channel.
By ignoring the effects of lateral fields, parameter M, in Equation 1.131 is one, whence the drain
saturation voltage in Equation 1.129 is simply the voltage difference, vgs:= (Vgs — V). Accordingly,
Equations 1.173 and 1.174 yield a forward transconductance of

WOl | 2 Iq

~ _ , 1.175)
Vgs - Vh V)\ + Vds - VE (

where it is understood that the variables, Iy, Vg Vi, Vi, and Vg, reflect the Q-point of the transistor
undergoing study. Biasing voltage and standby power constraints ordinarily compel that the transistor be
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biased at a drain-source voltage that is only slightly above the drain saturation voltage. Accordingly, V, is
typically much larger than (Vg — Vgeae). Moreover, V), is generally significantly larger than Vgag,/2. It
follows that the second term on the right-hand side of Equation 1.175 is often negligible, whereupon
Equations 1.168 and 1.175 combine for the case of large V) to deliver

0i 21
it~ 2K (W/D).. (1.176)

- avgs Q Vgs — Vh

The result suggests that the forward transconductance of a MOSFET increases with the square root of the
product of quiescent drain current and transistor gate aspect ratio. Accordingly, high gain requirements
in certain MOSFET amplifiers compel relatively large standby drain currents and/or suitably large gate
widths. The former tack conflicts with omnipresent desires for low power operation, while the latter
begets increased device capacitances and hence, potentially degraded frequency responses. Observe that
while the term in V) in Equation 1.175 is usually negligibly small, significant channel length modulation
(which translates to small V) is deleterious to high gain objectives.

An evaluation of the bulk transconductance, g1, requires that Equation 1.96 be considered analytic-
ally in conjunction with the threshold voltage term in Equation 1.174. After a bit of messy algebra, it can
be shown that

01
A Uld
&mb = aVb

S

~ Nogms (1.177)
Q

where N, which might be termed a bulk modulation factor, is

Vo/2
N . 1.178
b Ve Vo ( )

Recall a previous assertion to the extent that the bulk transconductance, gn,, may be insignificant in
comparison to the small-signal impact of the forward transconductance, gy,. From Equations 1.177 and
1.178, b, and hence g, are small if V, the body effect potential defined by Equation 1.90, is small. Since
Ve is proportional to the square of the gate oxide thickness, thin oxide layers conduce small bulk
transconductances. It is interesting to note in Equation 1.178 that the small values of the bulk modulation
factor that are precipitated by thin oxides are made even smaller by increases in the reverse bias applied
between the bulk and source.
The drain-source channel resistance, r,, in Equation 1.173 is readily confirmed to derive from

1, dig| _ I
To B a‘Vds Q V)\ + Vds - Vdsat '

(1.179)

The result shows that a large channel length modulation voltage, V,, gives rise to a large channel
resistance, r,, which in turn implies that the drain-source port of a MOSFET emulates the volt-ampere
characteristics of an ideal current source. For conventional values of V), large r, is seen to require a small
drain bias current, I,.

1.2.5.2 Unity Gain Frequency

The models of Figures 1.35 and 1.36 provide an analytical path for computing a commonly invoked
figure of merit for MOSFETS; namely, the unity gain frequency, which in radial units is symbolized as wr.
Although this metric offers a meaningful basis for comparing the high-frequency signal processing
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FIGURE 1.37 (a) N-channel common-source MOSFET configured for the evaluation of the unity gain frequency,
wT, of the transistor. (b) Small-signal, high-frequency equivalent circuit of the network in (a).

Id + Ids
+ Vdd
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& G)"‘V]—

{® Ly
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capabilities of competing transistors and their associated fabrication processes, its value to bracketing the
achievable bandwidths and response speeds of MOSFET circuits is dubious. The latter contention stems
from the very definition of the metric. In particular, wr is the radial value of signal frequency at which the
magnitude of the small-signal, short-circuit current gain of a common-source amplifier degrades to unity.
The circuit of relevance is the topology of Figure 1.37a, in which a current signal, I is applied to the gate
of a MOSFET whose source terminal is incident with signal ground. The radio frequency choke (REC)
provides a conduit for establishing a gate-source bias, Vy, above threshold, while providing a dynamic
impedance in series with the gate biasing voltage that is large enough to cajole most of the input signal
current to enter the gate terminal.

An input current applied to a gate lead that inherently comprises an open circuit at low frequencies is
hardly rational from a circuits perspective. This irrationality is exacerbated by the fact that the drain
terminal, where the small-signal current signal response, Iy, to input signal current I is extracted, is
connected directly to the power supply rail, Vg4, thereby rendering the drain terminal short circuited to
signal ground (hence the nomenclature, “short circuit” current gain). In other words, the current gain,
Iss/I5, is computed for a common-source amplifier whose gate is driven by signal current and whose drain
is short circuited to signal ground, which is hardly a viable analog circuit cell.

Assuming that the transistor at hand operates in saturation, the small-signal equivalent model of the
circuit in Figure 1.37a is the structure given in Figure 1.37b. Because the drain, in addition to the bulk and
the source, is grounded for signal conditions, the current gain, Iy,/I, tacitly ignores the high-frequency
effects of bulk-drain and bulk-source transistor capacitances. Moreover, the connection of the bulk
terminal to the source obviates the need for the bulk transconductance generator, Ayg,,, V>, in the model at
hand, while short circuiting the drain terminal to the source terminal renders the channel resistance, r,
inconsequential. Accordingly, an analysis of the structure in Figure 1.37b yields

Igs = ng1 ‘j(l)cgdvl
1% 1.180
I = r_‘ + j0Cy Vi + joCoa Vi ( )
g

whence

Ias _ gmrg(1 — joCqd/gm)
I 1+ jorg(Cy + Cga)

(1.181)
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Since r, in Equation 1.166 is infinitely large at zero signal frequency, the short circuit gain is seen to be
infinity at zero frequency, which reflects engineering intuition in that the gate can conduct no current at
zero frequency. In addition, 7, is likely to remain very large in the neighborhood of the 3 dB frequency
projected by this gain relationship so that

Ids - gm

_—

L S e(Co ) (1.182)
Equation 1.182 also invokes the reasonable presumption that the frequency, g,/Cgg, of the right half plane
zero evidenced on the right-hand side of Equation 1.181 is significantly larger than the aforementioned
3 dB bandwidth. This presumption is tantamount to neglecting the gate-to-drain feedforward through the
gate-drain capacitance, C,q, in comparison to the 1/O feedforward promoted by the transistor transcon-
ductance, g.,. While this approximation is suspect at very high signal frequencies, the approximations
leading to Equation 1.182 allow an extrapolated value of the unity gain frequency of

&m

_— (1.183)
Cgs + Cud

T = 21TfT =

Clearly, fr is a highly optimistic estimate of achievable circuit performance, for it pertains expressly to the
special case of a drain that is short circuited to the source terminal, thereby quashing the impact on
bandwidth of bulk-drain capacitance and any load capacitance that might be driven by the subject
transistor. Using Equations 1.106, 1.156, 1.164, 1.176, and 1.174 with V) presumed large, the last result is
expressible as

3 (Vs — Vi)

212 [1 + 3(C;L2ng)}

Wt = 21TfT ~ (1.184)

which reflects a direct dependence of the unity gain frequency on free carrier mobility. The result also
infers that to the extent that 2LCoy > 3(Cgeo + Cydo)s which may indeed be an engineering stretch for
minimal geometry, deep submicron devices, fr is inversely proportional to the square of channel length.
A significant increase in fr is therefore portended by even a relatively modest shortening of the channel
length. The fact that the unity gain frequency value is common corporate banter in the marketing of state
of the art transistors and processes arguably underpins the widespread process-engineering penchant for
progressively decreased channel lengths.

With the gate resistance, r,, presumed very large over the signal frequency range of interest, the
resultant short circuit current gain in Equation 1.182 is dependent on only frequency-invariant small-
signal transistor parameters. Accordingly, Equation 1.183 allows Equation 1.182 to be generalized as the
complex frequency domain expression,

1 ®
T (1.185)
I s

Moreover, the model in Figure 1.35b reduces to the equivalent circuit shown in Figure 1.38a, where signal
current I, is identified as the current conducted by the gate-source capacitance, Cg. Since signal voltage

V1 is clearly I,/sC,, the voltage controlled current, g, V1, is

ml C Caa) I k
_g 1: (I)T( gs+ gd) 1 - ( g:)T>le (1.186)

mV1 =
&m V1 sCys SCes
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FIGURE 1.38 (a) Small-signal model of Figure 1.35b with gate resistance r, ignored. (b) Alternative CCCS form of
the equivalent circuit in (a).

where

Ced

ke =1+
4 Cgs

(1.187)

Equation 1.186 allows the voltage-controlled current source (VCCS) form of the model shown in Figure
1.38a to be transformed into the equivalent current-controlled structure offered in Figure 1.38b. The
latter form proves useful in assessing the performance of amplifiers, such as certain forms of low noise
bandpass structures, which utilize source degeneration inductances.

1.2.5.3 Small-Signal Model Development

While the small-signal transistor models shown in Figures 1.35 and 1.36 are topologically correct and
conceptually useful from the perspective of linear active network design and first order performance
assessment, their engineering utility is limited by two issues. First, the analytical expressions for the
parameters embedded in these structures are predicated on a plethora of approximations stemming from
the neglect of the effects of lateral and vertical electric fields and simplifications surrounding the charge
storage mechanisms of devices and their associated capacitive profiles. These analytically simplifying
approximations often place laboratory characterizations of device behavior at odds with physical reality.
For example, the substrate doping concentration is not a constant, as is presumed in all foregoing
analytical disclosures, but it is less than immediately clear if some sort of weighted average of this dopant
level is appropriate for a satisfying voltage—current-charge characterization of a considered transistor.
Second, the subject small-signal parameters are dependent on variables, such as carrier mobility, oxide
overlap dimensions, doping concentrations, densities of charges trapped in the oxide, regional perimeter
dimensions, and the like that are either not released to the circuit designer or are otherwise only vaguely
known to the processing foundry.
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Because of the foregoing parametric anomalies, reasonably accurate and physically sound assess-
ments of small-signal device and associated circuit performance require that the numerical explication
of all relevant small-signal parameters derive from appropriate laboratory measurements conducted on
either test device structures or on entire test cells of the circuits undergoing development. A commonly
used vehicle toward this characterization end is the scattering parameters, or S-parameters, measured
for a grounded source, grounded gate, or grounded drain interconnection of a subject transistor excited
for a suitable range of biasing levels and over an appropriate range of signal frequencies [11]. These
parameters are extracted with fixed and known—generally 50 ohm—reference terminations at the
i» are then
converted into short circuit admittance (y-) parameters, y;;. The latter two-port parameters are virtually
impossible to discern directly in the laboratory because their numerical delineation mandates the
imposition of input and output port signal short circuits, which are difficult to sustain over broad
frequency passbands. Once the y;; are determined, it is an involved, but nonetheless straightforward,

input and output ports of the device undergoing test. The measured S-parameters, S

matter to infer realistic values of most of the parameters implicit to the structures of Figures 1.35
and 1.36.

If the process foundry provides a reliable large-signal HSPICE model, such as the fundamentally
heuristic Level 49 MOSFET model, of the device under consideration, the short circuit admittance
parameters of the subject transistor can be deduced through appropriate small-signal computer-aided
simulations. For example, consider the N-channel MOSFET in Figure 1.39, which is shown connected as
a grounded source, three-port configuration. The battery voltage, Vi, biases the gate-source terminals at
a greater than threshold value of voltage that establishes the desired quiescent drain current, I. Of course,
zero quiescent gate current flows in the gate lead of the transistor. On the other hand, the battery voltage,
Vaa» which modestly influences the quiescent drain current, I, is chosen to ensure saturation regime
operation of the transistor. Finally, the voltage, Vi, biases the bulk substrate terminal, where it is
understood that Vi, is ordinarily at most zero. In concert with the traditional stipulations of reverse-
biased bulk-source and bulk-drain junctions, zero quiescent gate current is presumed to flow into the
bulk. The application of any one or more of the three indicated signal voltages, Vi, V), and Vj,,
produces signal current responses in the gate, bulk, and drain of I, ks, and Iy, respectively. Selecting the
“AC” simulation option to manifest a strictly linear HSPICE analysis of the aforementioned current
signal responses about respective quiescent values allows the applied signal voltages, Vi, Vs, and V3, to
be set conveniently to amplitudes of 1 V.

I+ Iy
Igs Ibs
+ + +
Vls V25 C) V3s
T — T — Vbb T — Vdd
Vgg

FIGURE 1.39 Common-source test cell of an N-channel transistor configured as a three-port network.




Monolithic Device Models 1-67

If the applied signal voltages subscribe to the small-signal, linear-operational constraint, superposition
theory applies, and the three signal current responses can be described by the linear admittance
parameter matrix,

I yu yuz yi || Vi
s | = [yn y2 y» Vas |- (1.188)
Igs Y1 ¥z Y3 | [ Vss

In Equation 1.188, the short-circuit admittance parameters, y;, which are invariably complex numbers,
are extracted over signal frequency. In particular,

yu = IgS/V1s|v25:v35=0’ yiz = IgS/VZS|V15:V35:0’ Y3 = IgS/V3S|V1s=V2s=0
Ya = Ibs/Vls|Vz$:V35:()) Yo = Ibs/VZS|Vls:VJS=0> Y3 = IbS/V3S|Vls:V25:0 . (1-189)

Y31 = Ids/Vls|st:V35:()’ Y32 = IdS/VZS|V15:V3S:0’ Y33 = IdS/V3S|Vls:V25:O

The real and imaginary parts of all nine of these y-parameters can be readily evaluated from a small-signal
HSPICE analysis of the structure in Figure 1.39 or alternatively, they can be discerned in terms of scattering
parameters gleaned from measurements of a test structure analogous to that of the subject figure.

If the algebraic form of parameter y;, in Equation 1.188 is defined as

Y12 4 812 — joCyy, (1.190)

the first of the equations in Equation 1.188 can be written as
Iys = (y11 + y13 — joCr2) Vi + g12Vas — y13(Vis — Vis) + joCra(Vis — Vi), (1.191)

which can be couched in the form,
1 I .
Iy = (IT —}—j(;)C,—) Vis + 812 Vas + (RT +](0Cf> (Vig — Vag) + joCp(Vis — Vo). (1.192)
1

The first parenthesized term on the right-hand side of this expression represents a gate-to-ground shunt
interconnection of a resistance,

1
R=rrv—"—7—, (1.193)
Re(yu) + Re()’13)
and a capacitance,
I I
C = m(yy1) + Im(y13) —Cp, (1.194)
®
where from Equation 1.190,
Im
Cp=— na). (1.195)

[O)]

The resistance, R;, tends to vary as the inverse square of the radial signal frequency. Thus, it is expedient
to write R; as

Ky

R="2
w?’

(1.196)

where Kg; is a constant boasting the strange dimensions of ohms—(rad/s)*.
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The second term in Equation 1.192 represents a VCCS whose bulk-to-gate transconductance is

g12 = Re(y12). (1.197)

The second parenthesized factor on the right-hand side of the subject equation connotes a gate-to-drain
shunt combination of resistance

1

B Re(yl3)

R = (1.198)

and capacitance

_ Im()’13) .

Ce = (1.199)

As is the case with resistance R;, Ry also varies as the inverse square of the radial signal frequency.
Accordingly,

R = (1.200)

2

Finally, the last term in Equation 1.192 is merely a capacitance, C,,, incident between gate and bulk
terminals. It is appropriate to interject that over a broad range of signal frequencies that do not exceed the
transistor unity gain frequency, fr, the capacitances, G, C,,, and Cy; are nearly constants, which suggests
that Im(y;,), Im(y;2), and Im(y,;) are nominally linear functions of the radial signal frequency. An
analogous statement prevails for all of the other capacitances defined in the forthcoming paragraphs.
While resistances R; and Ry decrease sharply with signal frequency, they are so large (hundreds or even
thousands of megohms) that they can usually be neglected in the course of most design-oriented analog
circuit analyses.
Letting

¥i = gi — joC; (1.201)

denote the general short circuit admittance parameter, y;; Equation 1.188 allows the signal current, I,
conducted by the bulk to be expressed as

) 1 . .
Ins = (g1 — joCy) Vis + (R_bb +](1)Cbb> Vas + (823 — jwCa3) Vs + joCra(Vas — Vi), (1.202)

where, recalling Equation 1.201,

I -1
C.=Cy - Cpy = w (1.203)

and

21 = Re(ya1). (1.204)
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The term, (g5; — joC,) in Equation 1.202 is a transadmittance linking the signal gate voltage to the bulk
signal current. The second parenthesized term on the right-hand side of Equation 1.202 reflects a bulk-
to-ground parallel combination of a frequency-dependent resistance

1 Krob
Rp=r7F—=—-, 1.205
Y= Relm) o ( )
and capacitance
Im
Cop = % — Cp. (1.206)

A second transadmittance factor, (g23 — jwCys), surfaces to model the coupling of the drain signal voltage,
Ve to the bulk signal current, I,;, where

23 = Re(yx)
Im(yss) (- (1.207)
o=

Finally, the last term in Equation 1.200 complements its last term counterpart in Equation 1.192 in that it
accounts for the bilateral capacitive coupling prevailing between the drain and bulk terminals.
The only current not yet addressed is the signal drain current, I;. From Equation 1.188,

1 1
Ids - (gm _jmcm)vls + (gmb _j‘»‘)cmb)VZS + (R_ +jwco) V3s + (i +jmcf) (V3s - Vls)~ (1-208)
0 f

The factor, (g, — joCp), is the forward transadmittance that couples the gate signal voltage to the drain
signal current. Its constituent variables are

Em = Re(y31) - Re(yl3)
_ Im(yz) —Im(ys) (- (1.209)
w

G

On the other hand, (gmp — jwCyy) is the bulk transadmittance serving to bracket the signal drain current
response to the signal bulk voltage, V. The variables, g and Cyyp, are

Zmb = Re(ya2)
Im(ys) ¢ (1.210)
b= =0

Following Equation 1.177, the bulk modulation factor, N, can be discerned to be

m R
A, =8 Rebm) (L.211)

gn  Re(ys1) —Re(yis)’
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The parenthesized factor of the third term on the right-hand side of Equation 1.206 is the drain-to-
ground shunt interconnection of resistance R, and capacitance C,, such that
1
Rey=o—
Re(y;;) + Re(yl;)

_ Im(yss) + Im(y13)

(1.212)
Go

The last term in Equation 1.208 reflects the previously introduced, bilateral Re-C; coupling between the
gate and the drain terminals.

Equation 1.192 for the signal gate current, I, Equation 1.202 for the signal bulk current, I, and
Equation 1.208 for the signal drain current, Iy, can now be exploited to develop the foreboding three-
port common-source MOSFET model diagrammed in Figure 1.40a. While the model is intractable for
manual circuit analysis and considerably more complicated than its simplified brethren in Figures 1.35
and 1.36, it does serve to bolster circuit design insights. First, and perhaps most obviously, the model at
hand illustrates the complex interactions of the bulk with the gate, drain, and source regions of a
MOSFET. For example, the bulk signal voltage, Vs, precipitates a real controlled source, Apgm Vs, in
addition to a quadrature controlled source, jwCyy, Vs, at the drain-source port. The first of these sources
is the expected effect of bulk-induced modulation of MOSFET threshold voltage, but the latter controlled
element is slightly south of transparent. The bulk also gives rise to a VCCS, g1,V>s, in the gate-source
port, which accounts for observable bulk-induced increases in high-frequency gate current. These
intricacies, together with the complex transadmittance coupling, (g23 + jwCs3) V3, from the drain-to-
the bulk seemingly encourage, whenever possible and prudent, operating the MOSFET with its bulk
terminal returned to the transistor source terminal. Under such a topological constraint, the model in
Figure 1.40a collapses to the almost shockingly simpler network offered in Figure 1.40b.

Iys Vs

Ry :L G gmvls ;Elbgmv25 ié R, % Co
——— 2

C = Lps Vas

Rbb% Cb

Ry
C
‘S/ls 1§s | I lf . ids ‘gs
. NS @
Rl Ti_ crcn (DD F=x l.@
£y |

O—— ¢

=
(b)

FIGURE 1.40 (a) Small-signal, three-port equivalent circuit for the common-source interconnection of a MOSFET.
The three terminal voltages, Vi, Va5, and V3, denote signal voltages developed with respect to ground at the gate,
bulk, and drain terminals, respectively. (b) The equivalent circuit of (a) with the bulk terminal connected directly to
the MOSFET source terminal.
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A comparison of the model in Figure 1.40b with that of Figure 1.35b suggests that the gate-source
resistance, R;, is effectively the gate resistance, 74, introduced in Equation 1.166. The resistance, Ry, in
Figure 1.40b has no counterpart in Figure 1.35b. Throughout the range of frequencies extending
through the unity gain frequency of the considered transistor, both R; and Ry are so large that they
can be ignored for most small-signal analysis ventures, save possibly for a small-signal analysis entailing
an assessment of the noise properties of a transistor. The resistance, R,, is akin to the channel
resistance, 7,, in Figure 1.35b. Unlike R; and Ry 7, is nominally frequency invariant through the
device unity gain frequency metric. With R; and Ry tacitly ignored and in view of the fact that r, is
independent of frequency, the steady state frequency variable, jw, in Figure 1.40 can be replaced by the
Laplace operator, s, thereby allowing for small-signal step response and other transient investigations of
MOSFET amplifiers.

The net capacitance, (C; + Cy;), in Figure 1.40 is the effective gate-source capacitance, Cg,, in Figure
1.35b. Because of the inclusion of capacitance C,,, this net gate—source capacitance accounts for gate-to-
bulk capacitance, which earlier models presented in this discourse ignore tacitly, primarily because of the
high-frequency capacitance characteristics advanced by Figure 1.23. The capacitance, Cj, is the effective
gate-drain capacitance, Cyq, while capacitance C, represents the effective bulk-drain capacitance, Cpq.

The model in Figure 1.35b highlights a real forward transconductance of g,, while the models in
Figure 1.40 project a complex forward transadmittance, Y, of

) Co\?
Ym = 8m _j(’-)cm = gme]q;m(m) 1+ ("3_) 5 (1.213)
8m
where
¢ (0) = —tan™* (ﬁ) (1.214)
8m

denotes an excess phase angle associated with the transport of minority carriers in the gate-induced
channel extending from the source region-to-the drain region. Equivalently, the angle, ¢n(w), is
associated with an excess envelope delay, Ty,(w), such that

_ d(Pm((’-)) _ Cm/gm

dw wC )2
1+ (%)

Thiw) = (1.215)

whose low-frequency and, in this case, maximum value is obviously (C,,/gm). Excess delay, for which no
account prevails in the simpler models of Figures 1.35 and 1.36, looms potentially critical in feedback
circuits in that it acts to degrade the achievable phase margin of the open loop response.

VCCSs having an imaginary transadmittance can be synthesized easily for small-signal, computer-
based analyses through the use of a voltage-controlled voltage source (VCVS), a capacitor, and a current-
controlled current source (CCCS), as depicted in Figure 1.41a. In this figure, the controlling current, ;, of
the CCCS, al, is

I = joCuV;, (1.216)
whence the indicated controlled current, I, is

I, = al; = joCopnVi. (1.217)
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FIGURE 1.41 (a) Synthesis of a VCCS whose transadmittance is imaginary and proportional to radial signal
frequency. (b) The synthesis of the controlled current, —jwC, V15, in the models shown in Figure 1.40.

Ve

R=K/*?

FIGURE 1.42 Synthesis of a branch resistance whose value is inversely proportional to the square of the radial
signal frequency. The indicated resistance, R, is synthesized if R, = 1/KC,C,.

Thus, for the imaginary component, jwC,,, of the forward transadmittance, Y,,, in Equation 1.211, p=1,
C=Cy, and a = —1 gives the desired controlled current, -jwC, Vi, as is abstracted in Figure 1.41b.
Similarly, the frequency variant resistances, R, Rp and Rpy, can be synthesized for small-signal,
computer-aided analysis purposes using a VCVS, a current-controlled voltage source (CCVS), and a
CCCS. This contention is illustrated in Figure 1.42 for the general case of a resistance, R, given by

K
R = -2 (1.218)

which for steady state sinusoidal conditions is the generalized relationship,

_K
R=2

, (1.219)

advanced by Equations 1.196, 1.200, and 1.205. To wit, the controlled current, I;, generated by the VCVS,
(1)V, is I;=sC,V, while the current, I,, established in response to the CCVS, (R/J)), is
I, =sCyR,I; = s*C,C,R, V. It follows that the resistance, R, presented to the port driven by the CCCS,
(1)12) is

1 1 1

— = = - . 1.220
_12 —52C1C2va 52C1C2Rx ( )
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For arbitrary values of capacitances C; and C,, selecting

R =
T KC G

achieves the desired resistance value set forth by Equation 1.218.

Parameterization example:

1-73

(1.221)

An N-channel transistor featuring a channel length of 180 nm has the Level 49 HSPICE parameters that
appear in Table 1.2. The transistor is implemented with a gate aspect ratio of W/L = 25, and is biased at
Ve =11V, V4,=1V and V},, =0 V. The device undergoing study is earmarked for analog small-signal
applications that embrace a signal frequency range extending from 100 MHz to 10 GHz. For this
frequency passband, determine nominal values of all of the parameters indigenous to the small-signal,
common-source model of Figure 1.40b. Also, compute the extrapolated unity gain frequency of the
transistor at the given quiescent operating point. Express these results as maximum value, minimum
value, average value, and standard deviation (referred to the average value) over a frequency passband
extending from 100 MHz to 10 GHz.

TABLE 1.2  Representative Level 49 HSPICE Parameters for an NMOS Transistor in a Fabrication Process
Featuring a Nominal Channel Length of 180 nM

Model 180 nM NMOS (Level = 49)

+VERSION =3.1
+NCH =2.3549E17
+K3=1E-3
+DVTOW =0
+DVT1 = 0.5354277
+UB=2.250116E-18
+AGS = 0.4289385
+Al=5347644E-4
+PRWB=—0.2
+XL=—2E-8
+VOFF = —0.0882278
+CDSCD =0

+DSUB = 0.0173531
+PDIBLCB=—0.1
+PVAG=0

+PRT =0

+KT2 =0.022

+AT =33F4
+WWN=1

+LW =0

+XPART =0.5

+CJ =9.725711E-4
+PBSW =0.4
+MJSWG =0.1

+PK2 = —4.920718E-4
+PUA =9.138642E-11

+PKETA =4.537962E-5)

TNOM =27

VTHO = 0.3627858
K3B=2.2736112
DVTIW =0

DVT2 = —1.243646E-3
UC=5.204485E-11
B0 = —6.378671E-9
A2 =0.8370202
WR=1
XW=—1E-8
NFACTOR =25
CDSCB=0

PCLM =0.7303352
DROUT =0.7685422
DELTA=0.01
UTE=-15
UA1=4.31E-9
WL=0

WWL=0

LWN=1

CGDO =716E-12

PB =0.7300537
MJSW=0.1

CF=0

WKETA = 6.938214E-4
PUB=0

TOX =4E-9
K1=0.5873035
WO0=1E-7

DVT2W =0

U0 =1263.3294995
VSAT = 1.083427E5
Bl =—1E-7

RDSW =150

WINT =1.798714E-9
DWG=—3.268901E-9
CIT=0
ETA0=2.455162E-3
PDIBLC1 = 0.2246297
PSCBE1 = 8.697563E9

RSH=6.7
KT1=-0.11
UB1 =—7.61E-18
WIN=1

LL=0

LWL=0
CGSO="716E-12
M] =0.365507

CJSWG =3.3E-10
PVTHO0 =4.289276E-4
LKETA =-0.0118628
PVSAT = 1.680804E3

XJ=1E-7

K2 =4.793052E-3
NLX = 1.675684E-7
DVT0=1.7838401
UA = —1.359749E-9
A0=2

KETA = —-0.0127717
PRWG=0.5

LINT =7.631769E-9
DWB =7.685893E-9
CDSC=24E-4
ETAB=1

PDIBLC2 =2.220529E-3
PSCBE2 =5E-10
MOBMOD =1
KTIL=0

UCl =—-5.6E-11
WW=0

LLN=1

CAPMOD =2
CGBO=1E-12

CJSW = 2.604808E-10
PBSWG =0.4
PRDSW = —4.2003751
PU0=24.2772783
PETAQ0=2.44792E-6
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Results:

1. Before proceeding with the simulation, the planar source and drain areas, A, and Ay, as well as the
source and drain peripheral dimensions, P; and P4, must be computed through an appeal to
Equation 1.154. These are A, = A4 = (1.62)(107'%) m? and P,= P; = (5.22)(107%) m. In arriving at
these figures, use is made of the fact that for a channel length of L = 180 nm and a gate aspect ratio
of W/L =25, the gate width is W=4.5 pm. The parameters, L, W, A,, Aq4, P,, and P, are inserted
directly on the model line of the HSPICE net list. For example, the model line used in the
simulations executed herewith is

M26407180nM, L=180n, W=45u As=162p, Ap=162P,
Pg=522u, Pp=522u

In this model line, M2 identifies the transistor undergoing examination, “6” is the number of the
drain node, ““4” is the gate node number, “0” is the number of the grounded source node, and “7”
is the number of the bulk substrate node. The insert, “180 nM,” identifies the name of the model
used for the subject transistor.

An HSPICE simulation of the simple test cell shown in Figure 1.39 can now be straightforwardly
executed. In this test structure, Vg =1.1 V, Vga=1V, and V};, =0 V combine to set the desired
operating point of the transistor. The operating point information disclosed by the static HSPICE
simulation is as follows.

ID 8.9407E-04 (drain current is I3 =894.1 pA)

IS -8.9407E-04 (source current flows out of device and is virtually identical to the drain
current)

IB -1.0002E-12 (bulk current is about one picoampere and flows out of the device)

IBD -9.9417E-13 (bulk current is sum of the bulk-drain and bulk-source junction currents)

IBS -6.0237E-15 (bulk current is sum of the bulk-drain and bulk-source junction currents)

VGS 1.1000 (desired gate-source quiescent voltage)

VDS 1.0000 (desired drain-source quiescent voltage)

VBS 0.0000 (desired bulk-source quiescent voltage)

VTH 0.5102 (simulated threshold voltage is V;, =510.2 mV)

VDSAT 0.3149 (simulated drain saturation voltage is Vs =314.9 mV)

It should be noted that the quiescent drain source voltage, V4, =1.0 V, is certainly larger than the
simulated drain saturation voltage, Va.e = 314.9 mV. Accordingly, the device at hand operates in
its saturation regime for suitable small-signal excitations.

2. A small-signal, computer-aided simulation of the test circuit in Figure 1.39 can now be executed at
the quiescent operating point established in the preceding step of this exercise. The objective of this
simulation is to ascertain the real and imaginary components of each of the nine short circuit
admittance parameters, y;;, introduced in Equation 1.188. The model parameters then derive from
the pertinent equations given in Section 1.2.5.3.

Gate-to-drain resistance coefficient, Kp¢
Maximum value is (7.93)(10%)
Minimum value is (7.92)(10%)
Average value is (7.93)(10*)

Standard deviation is 0.03%

Gate-to-drain capacitance, C¢
Maximum value is 3.22 {F
Minimum value is 3.21 {F
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Average value is 3.22 fF
Standard deviation is 0.02%

Gate-to-source resistance coefficient, Kg;:
Maximum valuae is (4.25)(10%)
Minimum value is (4.24)(10%")

Average value is (4.25)(10%)
Standard deviation is 0.03%

Gate-to-source capacitance, C;:
Maximum value is 7.56 {F
Minimum value is 7.55 fF
Average value is 7.55 fF
Standard deviation is 0.02%

Bulk-gate transconductance, g;,:
Maximum value is 1.01 wmho
Minimum value is 0 wmho
Average value is 0.11 wmho
Standard deviation is 191.97%

Gate-to-bulk capacitance, C),:
Maximum value is 0.42 fF
Minimum value is 0.42 fF
Average value is 0.42 fF
Standard deviation is 0%

Forward transconductance, g
Maximum value is 2.03 mmho
Minimum value is 2.03 mmho
Average value is 2.03 mmho
Standard deviation is 0.01%

Transadmittance capacitance, Cp,:
Maximum value is 2.00 {F
Minimum value is 1.99 {F
Average value is 2.00 fF
Standard deviation is 0.05%

Gate-bulk transconductance, g;:
Maximum value is 0.82 pmho
Minimum value is 0 wmho
Average value is 0.18 pmho
Standard deviation is 191.97%

Gate-bulk transadmittance capacitance, C,:
Maximum value is 0.68 fF
Minimum value is 0.67 fF
Average value is 0.67 fF
Standard deviation is 0.03%

Bulk transconductance modulation factor, A;:
Maximum value is 0.21
Minimum value is 0.21
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Average value is 0.21
Standard deviation is 0.03%

Drain-bulk transconductance, g,;:
Maximum value is 0 wmho
Minimum value is —0.41 pmho
Average value is —0.05 pwmho
Standard deviation is 191.97%

Bulk transadmittance capacitance, Cp:
Maximum value is 3.19 {fF
Minimum value is 3.18 fF
Average value is 3.19 fF
Standard deviation is 0.02%

Drain-bulk transadmittance capacitance, C,3:
Maximum value is 2.63 {F
Minimum value is 2.63 fF
Average value is 2.63 fF
Standard deviation is 0.02%

Drain-source channel resistance, R,:
Maximum value is 10.38 k)
Minimum value is 10.33 kQ)
Average value is 10.37 k()
Standard deviation is 0.09%

Bulk-to-source resistance coefficient, Kyyy,:
Maximum value is (7.03)(10%)
Minimum value is (6.78)(10*)

Average value is (6.99)(10°)
Standard deviation is 0.76%

Drain-source capacitance, C,:
Maximum value is 2.62 {F
Minimum value is 2.62 fF
Average value is 2.62 {F
Standard deviation is 0.03%

Bulk-source capacitance, Gyp:
Maximum value is 6.83 fF
Minimum value is 6.82 {F
Average value is 6.83 fF
Standard deviation is 0.02%

. Equation 1.183 is the pertinent equation for the computation of the extrapolated unity gain

frequency. To this end, the average forward transconductance has been computed to be g, =2.03
mmbo. The effective gate—source capacitance, Cy, is the computed average value, C; = 7.55 fF, which
accounts for gate-source overlap and any other second order phenomena embraced by the utilized
HSPICE model. On the other hand, the effective average gate-drain capacitance, Cy, is Cr=3.22 fF,
which, like C, incorporates all pertinent high order device characterization phenomena. Accordingly

8m

= oG+ ¢y 00 GHz
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Comments: With the exception of parameters g1, g21, and g3, the quoted standard deviation numbers
indicate an excellent model fit to circuit theoretic issues. These three transconductances can also be made
to agree well with theoretical disclosures if they are each allowed to vary as the square of the radial signal
frequency. However, their values are so small as to render overt concern of them unproductive.

The computed unity gain frequency, fr, is within range of the expected frequency performance of
representative MOSFETs manufactured in a 180 nM technology process. It is interesting to note,
however, that the effective gate-drain capacitance (3.22 fF), which is traditionally ignored in first
order, high-frequency circuit analysis ventures, is, in this case, almost 43% of the effective gate-source
capacitance (7.55 fF).

1.2.6 Design-Oriented Analysis Strategy

When a MOSFET is exploited for a linear analog signal processing application, an essential early design
requirement entails the implementation of suitable biasing. Generally, this biasing must ensure that for
all pertinent signal levels, each transistor used to supply gain, impedance conversion, constant current,
constant voltage, or other I/O properties operates in its saturated domain where its drain-source
voltages, Vy,, is at least as large as its drain saturation voltage, Vs, When Vg3 > Vg, Equation 1.142
is the applicable relationship for ascertaining a gate-source voltage, V,,, commensurate with a target
drain current, I3, conducted at a given or desired value of drain-source voltage.

Unfortunately, academic satisfaction does not often resonate with the engineering reality that underlies
predictable, reliable, and reproducible integrated circuit design. For the biasing issue at hand, Equation
1.142 is fraught with numerous shortfalls. Despite its algebraic cumbersomeness, Equation 1.142 is only
an approximation of the static volt-ampere characteristics of a MOSFET operated in saturation, owing to
a variety of analytical liberties exploited with respect to charge storage, charge transport, carrier mobility,
and the other phenomenological issues discussed in preceding sections. Even if Equation 1.142 were an
accurate disclosure of the aforementioned static characteristics, challenges surround its utilization
because circuit and system designers are rarely privy to the physical and process parameters on which
the metrics, Ky, Vi, Vasar Vver Vie and V,, are dependent. These model variables can be discerned reliably
through only laboratory measurement of static device responses or via analyses conducted on appropriate
computer-based simulations founded on accurate and reliable transistor models.

On the tacit presumption that the foregoing six model variables can be extracted satisfactorily from
measurement and/or simulation, Equation 1.142 might be supplanted by the more familiar, nominally
square law relationship,

Kpe (W Vas — V.
I =2 (T) (Ve — Vi)® (1 o Tt - d) (1.222)

where K, symbolizes the effective transconductance coefficient,

KaMZ, K,

= VoV, ~ — — .
1+ (1 +%) [1 + 0.78(‘—’%)}

Kqe (1.223)

This effective transconductance coefficient accounts for mobility degradation deriving from strong
vertical (gate-to-channel) electric fields through the variable, V.., as well as mobility degradation caused
by lateral (drain-to-source) electric fields, which is monitored by variable V,.. While Equation 1.222
suggests a relatively straightforward square law dependence of drain current on the so called excess,
or effective, gate-source voltage, (Vg — Vy), particularly for the commonly encountered situation of
(Vas — Vidga) € V), it should be noted that K. is inversely proportional to a quadratic function of the
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excess gate—source voltage. Typically, V.. is of the order of 5- to 20-fold the value of V). and thus, the
possibility of simplifying Equation 1.223 to ease computational strain, while preserving computational
accuracy, is dubious.

Example:

An N-channel transistor featuring a channel length of 180 nM has the Level 49 HSPICE parameters given
in Table 1.2. The transistor is to be biased in saturation at Vys=1V and Iy 1 mA to achieve a small-
signal transconductance, g, of at least 3 mmhos. Assuming that the bulk terminal is incident with the
transistor source terminal, choose a reasonable gate aspect ratio, W/L, determine the required gate-
source voltage bias, Vg, and estimate the model parameters implicit to Equation 1.222.

Results:

1. The applicable circuit for computer-aided investigation is offered in Figure 1.43, where the
transistor model parameters are those that appear in Table 1.2, and the gate aspect ratio, W/L, is
to be determined. The null voltage source in the drain circuit of the device facilitates the extraction
of the quiescent drain current, I. It is understood that for biasing purposes, the area and perimeter
parameters, A, Ag, P;, and Py, are of no consequence and can therefore be defaulted to any
convenient value. Initially, set V=1V and W/L =1 and, of course, V4, =1 V. The HSPICE static
simulation reveals Iy =46.4 WA, Vg5, =262.8 mV, V;; =519.7 mV, and g, =136.5 pmho. Since
Vgs =1 V is certainly larger than V;, =519.7 mV and V4,=1V > Vyg, = 262.8 mV, the transistor
is clearly turned on and operates in its saturation domain.

2. With W/L = 1, the simulated drain current is a factor of 21.55 times smaller than the target current
of 1 mA. This observation seemingly suggests the need for increasing the gate aspect ratio from 1 to
21.55, since the drain current is ostensibly proportional to W/L. In truth, the actual drain current is
not directly proportional to W/L because of numerous second order effects, including weak
dependencies of threshold voltage, drain saturation voltage, and parameter Mg, on gate width
W. Experience shows that a more viable gate aspect ratio adjustment is about twice that computed
or in this case, about 40. With W/L =40 and Vg = Vg,=1 V, HSPICE delivers I;=1.08 mA,
Vasar=278.2 mV, V}, =510.2 mV, and g, =3.17 mmho. The simulated transconductance value
satisfies its design target. Although Vi, can be decreased modestly to reduce the drain current to
1 mA, this exercise is unnecessary in view of the effects of routinely encountered device processing

N

' W

+
—_— Vds
FIGURE 1.43 Circuit structure for MOSFET biasing simulation. The Level 49 HSPICE parameters of the transistor
are delineated in Table 1.2.
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vagaries and model parameter uncertainties. Thus the design requirement is satisfied for W/L = 40
and Vg =V4=1V.

3. The model parameterization exercise begins by using Equation 1.141 to compute the voltage,
Vee. From Table 1.2, the oxide thickness is T.,=4(10"°) m, which is 40 A. Accordingly,
Vee=40/15=2.667 V.

4. The next step in the parameterization process entails operating the transistor undergoing
study at a Vg, value that equals its saturated value of 278.2 mV. This tack reduces the last
parenthesized factor on the right-hand side of Equation 1.222 to unity, thereby simplifying
the computation of the effective transconductance parameter, K,.. With W/L=40, V=1V,
and Vg, = Vg =278.2 mV, HSPICE produces Iy = 878.33 pA and V;, =510.0 mV. Appealing to
Equation 1.222, parameter K, follows forthwith as K,.=182.9 pmho/V.

5. Recalling that Vi, =278.2 mV and (Vg — Vi) = (1 — 0.510) V=0.490 V, Equation 1.129 delivers
M, = 0.5678. The previously documented approximate equation, Equation 1.136, relating M., to
variable a can be used to determine the numerical value of a for V=1V and V,,=510.0 mV.
Alternatively, Equation 1.131 can be solved for a directly to yield

2(1 — M)

o= Tszm = 2.682. (E1.1)
Using Equation 1.130, parameter V. follows forthwith as V,,=182.7 mV.

6. With K,.=182.9 pmho/V, Vi, =2.667 V, My =0.5678, V=1V, and V,=510.0 mV, the
device transconductance parameter, K, follows from Equation 1.223 as K, =671.7 pmho/V. It
is interesting to observe that the effective transconductance factor, K, is almost 3.7 times smaller
that the “actual” transconductance coefficient, K,,. Experience testifies to the apparent fact that for
deep submicron devices, 2.5 <K, /K. <4 is typical.

7. In principle, Ve, Vie, Vi, Vigsar Ki, and thus K., do not vary with changes in the drain-source
voltage, Vys. Accordingly, the ratio of the drain current (1.08 mA) for Vg =1 volt to the drain
current (878.33 pA) at Vg = Vg = 278.2 mV is solely attributed to the last parenthesized factor
on the right-hand side of Equation 1.222, that is,

I = 1.08 A Vs_Vsa
rgmry _ LOSmA _\opy Voo~ Vo

Id|Vds:Vdsal - 878.33 pA Vi

(E1.2)

It follows that the channel length modulation voltage is V), =3.144 V.

8. In an attempt to demonstrate the propriety of the foregoing modeling exercise, the forward static
transfer characteristic of the subject transistor is modeled in HSPICE for both V4,=1 V and
V4s=1.5 V. The simulated results are then compared with calculations deriving from Equations
1.222 and 1.223 using the computed values of V.., Vi, and V) and the simulated disclosures for
W/L, Vysar, and Vi, Specifically, V. =2.667 volts, V,.=182.7 mV, V) =3.144 volts, W/L =40,

Vit =278.2 mV, and V}, =510.0 mV.

Figures 1.44 and 1.45 display the results of the foregoing comparative study. In Figure 1.44, the simulated
and calculated forward transistor characteristics in the saturation domain are displayed for a drain—
source voltage, V4, of 1.0 V. The calculations corroborate reasonably well with pertinent simulations in
that +15% error is observed for 0.73 V < V,,<1.89 V. It is notable that V,,=0.73 V is only slightly
larger than 200 mV above threshold level, while at V,;=1.89 V, the transistor no longer operates in its
saturation domain when V4,=1 V. Figure 1.45 confirms better corroboration between calculated and
simulated results for Vg4;= 1.5 V. In particular, the computational error is within +9% for 0.92 V <V,
<2V and is within £15% for 0.78 V<V, <2 V.
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FIGURE 1.44 Simulated and calculated forward static transfer characteristic for the NMOS transistor whose model
parameters are delineated in Table 1.2. The transistor is operated at a drain-source voltage, Vg, of 1 V.

Comments: In Step #2 of the foregoing computational procedure, the gate aspect ratio, W/L, is the
pivotal metric for achieving the desired transconductance and transistor drain current. If power dissi-
pation is a dominant design concern, W/L can be increased above the value of 40 discerned in this
example, with the understanding that the gate-source voltage, Vi, can be reduced commensurately,
thereby reducing the static drain current and hence, the power dissipation of the transistor. Of course, the
primary penalty of large gate aspect ratio is a possible degradation of high-frequency circuit response
since, as is confirmed by Equation 1.154, the capacitance area and peripheral dimensions increase in
proportion to the gate width, W.

In Step #3, the metric, V.., is evaluated in terms of a purely empirical, and indeed crude first order,
relationship to the oxide thickness, Tx. A possible way around this dilemma is to compute V,, and all of
the other requisite modeling parameters by curve fitting Equation 1.222 to simulated or actually
measured static data. While this approach may be academically satisfying, it may be imprudent from a
design time perspective. Keep in mind that biasing is not the fundamental performance objective of an
analog circuit; rather, biasing is the necessary condition that expedites the desired analog responses.

The drain saturation voltage, Vg, is obviously a nonlinear function of the excess gate voltage, (Vy— V4),
owing to the parameter, M,. But in addition, Vg4, changes slightly with the applied drain-source voltage,
Vas- Indeed, the Level 49 model parameters account for a slight sensitivity of threshold voltage on Vg, which
is as anticipated since the interface potential throughout the entire channel varies somewhat as a function of
the lateral (drain-to-source) field engendered by Vs

Finally, it should be noted that the computed value (3.144 V) of the channel length modulation
voltage, V), is appreciably smaller than values often propounded in the textbook literature. However, V)
is indeed a relatively small voltage for deep submicron MOS technology transistors. This anemic voltage
is the principle cause of correspondingly small drain-source channel resistances, which renders the
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FIGURE 1.45 Simulated and calculated forward static transfer characteristic for the NMOS transistor whose model
parameters are delineated in Table 1.2. The transistor is operated at a drain-source voltage, Vg4, of 1.5 V.

realization of transconductor amplifiers, as might be used in operational transconductor amplifier-
capacitor (OTA-C) filters, a daunting challenge. The desire for accuracy surrounding the enumeration
of V), is exacerbated by the fact that parameter V) is not the constant that is presumed tacitly in the
foregoing demonstration. Instead, and as is suggested by Equation 1.114, V) is functionally dependent on
drain-source voltage, drain saturation voltage, and threshold voltage. If V) or the drain-source channel
resistance is critical in an analog circuit design endeavor, care must therefore be exercised to ensure that
model parameters are extracted in terms of measured or simulated data that largely mirror the desired or
expected operating state of the utilized transistor.

References

1. S. W. Sze, Physics of Semiconductor Devices. New York: John Wiley & Sons, 1969, pp. 366-379.

2. A. B. Glaser and G. E. Subak-Sharpe, Integrated Circuit Engineering: Design, Fabrication, and
Applications. Reading, MA: Addison-Wesley Publishing Company, 1977, pp. 80-94.

3. A.S. Grove, Physics and Technology of Semiconductor Devices. New York: John Wiley & Sons, 1967,
pp. 263-285.

4. A. Goetzberger, Ideal MOS curves for silicon, Bell System Technical Journal, 45, 1097, 1966.

5. S. R. Hofstein and G. Warfield, Physical limitation on the frequency response of a semiconductor
surface inversion layer, Solid State Electronics, 8, 321, 1965.

6. A. S. Grove, E. H. Snow, B. E. Deal, and C. T. Sah, Simple physical model for the space-charge
capacitance of metal-oxide-semiconductor structures, Journal of Applied Physics, 33, 2458, 1964.



1-82 Analog and VLSI Circuits

7. R. L. Geiger, P. E. Allen, and N. R. Strader, VLSI Techniques for Analog and Digital Circuits.
New York: McGraw-Hill Publishing Company, 1990, pp. 174-177.
8. D. Johns and K. Martin, Analog Integrated Circuit Design. New York: John Wiley & Sons, Inc, 1997,
pp. 24-27.
9. T. H. Lee, The Design of CMOS Radio-Frequency Integrated Circuits, 2nd Ed. Cambridge, United
Kingdom: Cambridge University Press, 2004, Chaps. 11 and 12.
10. A. van der Ziel, Noise in Solid State Devices and Circuits. New York: John Wiley & Sons, Inc,
1986.
11. J. Choma and W.-K. Chen, Feedback Networks: Theory and Applications. Singapore: World Scientific
Press, 2007, Chap. 3.

1.3 JFET, MESFET, and HEMT Technology and Devices
Stephen I. Long

1.3.1 Introduction

Many types of field effect devices are used in analog IC and RFIC design. Section 1.2 described the
MOSFET and associated device models. MOSFETs are currently the predominant field effect device used
in analog circuit applications due to the pervasive CMOS technology. CMOS fabrication is relatively
inexpensive when not scaled below 0.25 um. However, mask costs for 130 nm and below increase very
rapidly, limiting applications to only those requiring extremely high volume. Also, drain breakdown
voltage is quite low, of the order of 1 V for 65 nm CMOS. This constrains dynamic range or power output
in certain applications.

Other field effect devices are available, but are considered niche market devices in most cases. This
would include the legacy silicon JFET technology, still used in conjunction with bipolar transistors for
some lower frequency analog applications. Compound semiconductor-based field effect devices (MES-
FET, HEMT, p-HEMT, m-HEMT) are often the FET of choice for applications requiring very wide
bandwidth, extremely low noise, high gain at mm-wave frequencies, and high output powers at
frequencies above 2 GHz. Cost of fabrication is frequently less than that of CMOS in smaller volume
applications because the mask set costs are typically an order of magnitude less. Also, the compound
semiconductor devices are grown on semi-insulating substrates. Passive components such as spiral
inductors, MIM capacitors and deposited resistors have less parasitic capacitance and higher Q than is
typical for silicon-based RFICs.

In this section, the silicon JFET and the main compound semiconductor HEMT devices will be
described. Special emphasis will be placed on the GaN HEMTs whose performance is exceptionally
good for microwave and mm-wave power amplifiers.

1.3.2 Silicon JFET Device Operation and Technology

Although the silicon JFET is today a legacy device, it is still used in some bipolar analog ICs to provide an
inexpensive BiFET IC technology. Also, the description of its current-voltage characteristic is similar to
any FET which uses a pn or Schottky metal-semiconductor junction for the gate electrode. The JFET
consists of a conductive channel with source and drain contacts whose conductance is controlled by a
gate electrode. The channel can be fabricated in either conductivity type, n or p, and both normally-on
(depletion mode) and normally-off (enhancement mode) type devices are possible. The circuit symbols
typically used for JFETs are shown in Figure 1.46 along with the bias polarities of active region operation
for these four device possibilities. For analog circuit applications, the depletion mode is almost exclusively
utilized because it provides a larger range of input voltage and therefore greater dynamic range. In silicon,
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FIGURE 1.46 The circuit symbols typically used for JFETs are shown with the bias polarities for active region
operation.

both p- and n-channel JFETs are used, but when compound semiconductor materials such as GaAs or
InGaAs are used to build the FET, n-channel devices are used almost exclusively.

When fabricated with silicon, the JFET is used in analog IC processes for its high input impedance,
limited by the depletion capacitance and leakage current of a reverse-biased pn junction. When the JFETs
are used at the input stage, an op-amp with low input bias current, at least at room temperature, can be
built. Fortunately, a p-channel JFET can be fabricated with a standard bipolar process with few additional
process steps. This enables inexpensive BiFET processes to be employed for such applications. Unfortu-
nately, the simple process modifications required for integrating JFETs and BJTs are not consistent with
the requirements for high-performance devices. Short-gate lengths and high-channel doping levels are
generally not possible. So the transconductance per channel width and the gain-bandwidth product of
JFETs integrated with a traditional analog BJT process are not very good. The short-circuit current gain-
bandwidth product ( fr) is about 50 MHz for an integrated p-channel JFET. The MOSFETs in a BICMOS
process are much better devices, however, a BICMOS process does not often include both NPN and PNP
BJTs needed for high-performance analog circuits.

Discrete silicon JFETS are available with much better performance because they can be fabricated with
a process optimized for the JFET. Typical applications are for low-noise amplifiers up to the VHF/UHF
range. Noise figures less than 0.1 dB can be obtained at low frequencies with high source impedances and
2 dB at high frequencies at the noise matching input condition with high performance discrete silicon
JFETs. The low input gate current, Ig, which can be in the picoamp range, causes the shot noise
(proportional to /Ig) component to be very low. The input equivalent noise current of the JFET is
mainly due to input referred channel (Johnson) noise. This property gives very low noise performance
when presented with a high source impedance. In this case, the JFET is often superior to a BJT for noise.
For low source impedances, the BJT is generally better.

Compound semiconductor materials such as GaAs and InGaAs are used to fabricate JFET-like devices
called metal-semiconductor FET (MESFETSs) and high electron mobility transistor (HEMTs). The reason
for using these materials is superior performance at high frequencies. These devices are unequaled for
gain-bandwidth, ultralow noise, and power amplification at frequencies above 10 GHz and up to 300
GHz. Integrated analog microwave circuits are fabricated with these devices and are commercially
available for use in low noise receiver and power amplifier applications. Some representative results
will be summarized in Table 1.5.
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1.3.2.1 JFET Static I-V Characteristics

The JFET differs in structure and in the details of its operation from the MOSFET discussed in
Section 1.3.2. Figure 1.47 shows an idealized cross section of a JFET. The channel consists of a doped
region, which can be either p- or n-type, with source and drain contacts at each end. The channel is
generally isolated from its surrounding substrate material by a reverse biased p-n junction. The depletion
regions are bounded in Figure 1.47 by dashed lines and are unshaded. The thin, doped channel region
forms a resistor of width W into the page and height d. A gate electrode is located at the center of the
channel, defined by a semiconductor region of opposite conductivity type of length L. An n-channel
structure is shown here for purposes of illustration. The p-type gate constricts the channel, both through
the depth of the diffusion or implant used to produce the gate and through the depletion layer formed at
the p-n junction. The height of the channel can be varied by biasing the gate relative to the source (V).
A reverse bias increases the depletion layer thickness, reducing the channel height and the drain current.
If Vs is large enough that the channel is completely depleted, the drain current will become very small.
This condition corresponds to the cutoff and subthreshold current regions of operation, and the Vs
required to cut-off the channel is called Vyp, the pinch-off voltage. Vp corresponds to the threshold voltage
that was defined for the MOSFET. Similarly, a forward bias between gate and channel can be used
to increase drain current, up to the point where the gate junction begins to conduct. Most JFETs are
designed to be depletion-mode (normally on); drain current can flow when Vgs=0 and they
are normally operated with a reverse-biased gate junction. It is also possible, however, to fabricate
enhancement-mode JFETs by use of a thinner or more lightly doped channel.

The pinch-off voltage is a sensitive function of the doping and thickness of the channel region. It can
be found if the channel-doping profile, N(x), is known through Poisson’s equation. For a nonuniform
profile,

d
Vp = VBI —g JxN(x)dx (1.224)
0

For uniform doping, N(x) = Np and the familiar result in Equation 1.225 shows that the pinch-off voltage
depends on the square of the thickness. This result shows that very precise control of profile depth is
needed if good matching and reproducibility of pinch-off voltage is to be obtained [7].

N 2
VP_VBI_q bd

(1.225)

2¢e

FIGURE 1.47 Idealized cross section of a JFET. The depletion regions are bounded with dashed lines and are
unshaded.
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1.3.2.2 JFET Operating Regions

The static current-voltage characteristics of the JFET can be categorized by the five regions of operation
shown in Figure 1.48 for an n-channel device. The mechanisms that produce these regions can be
qualitatively understood by referring to the channel cross sections in Figure 1.49. In these figures, the
doped channel region is shaded, and the depletion region is white. First, consider the JFET in Figure
1.49a with small Vg (& Vgs — Vp). This condition corresponds to the ohmic region (sometimes called
linear or triode region) where current and voltage are linearly related. At small drain voltages, the
depletion layer height is nearly uniform, the electric fields in the channel are too small to saturate
the carrier velocity, and thus the channel behaves like a linear resistor. The resistance can be varied by
changing Vgs. The channel height is reduced by increasing the reverse bias on the gate leading to an
increased resistance.

As Vpg increases, the depletion layer thickness grows down the length of the channel as shown in
Figure 1.49b. This occurs because the drain current causes a voltage increase along the channel as it flows
through the channel resistance. Since the depletion layer thickness is governed by the gate-to-channel
voltage (Vc), there is an increasing reverse bias that leads to constriction of the channel at the drain end of
the gate. Ideally, when Vpg = Vgg— Vp, then Voo = Vp, and the channel height will approach zero (pinch-
off). The constricted channel will cause the drain current to saturate as shown. Further increases in Vg do
not cause the drain current to increase since the channel has already constricted to a minimum height and
the additional potential is accommodated by lateral extension of the depletion region at the drain end of the
gate. This region of operation is generally described as the pinch-off region (rather than the saturation
region in order to avoid confusion with BJT saturation). The height of the channel is not actually zero but is
limited by the mobile channel charge, which travels at saturated drift velocity in this high field region.

If Vs < 0, then the initial channel height at the source is reduced, I, is less, and the pinch-off region
occurs at a smaller drain voltage Vps= Vs — Vp. The saturation of drain current can also occur at
smaller Vpy if the gate length is very small. In this case, the electric field in the channel is large, and the
carrier velocity will saturate before the channel can reach pinch-off. Velocity saturation will also limit
drain current.

In Ves>Vr

Pinchoff or
saturation region

Ohmic
region

—>

Subthreshold
region i Vo= V.
GS= VT
|
Vbsat / Vbs
Inverse
region Cutoff

FIGURE 1.48 The static current-voltage characteristics of the JFET can be categorized by five regions of operation.
An n-channel device is shown in this illustration.
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FIGURE 1.49 (a) Ohmic region with small Vps (<« Vgs — Vp). (b) When Vpg= Vg — Vp, the channel height will
become narrow at the drain end of the gate. The device enters pinch-off. The constricted channel will cause the drain
current to saturate as shown. (¢) Cutoff and subthreshold current regions occur when the depletion region extends
through the channel.

The subthreshold region of operation, shown in Figure 1.49¢ is defined when small drain currents
continue to flow even though Vs < Vp. While technically this gate bias should produce cutoff, some
small fraction of the electrons from the source region will have sufficient energy to overcome the
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potential barrier caused by the gate depletion region and will drift into the drain region and produce a
current. Since the energy distribution is exponential with potential, the current flow in this region varies
exponentially with V.

The inverse region occurs when the polarity of the drain bias is reversed. This region is of little interest
for the JFET since gate-to-drain conduction of the gate diode limits the operation to the linear region only.

1.3.2.3 Channel-Length Modulation Effect

A close look at the I-V characteristic in the pinch-off region shows that the incremental conductivity or
slope of this region is not equal to zero. There is some finite slope that is not expected from the simple
velocity saturation or pinch-off models. Channel length modulation is one explanation for this increase;
the position under the gate where pinch-off or velocity-saturation first occurs moves toward the source as
Vps increases. This is due to the expansion of the drain side depletion region at large V. Figure 1.50
illustrates this point. Here, a channel cross section is shown for Vps= Vs — V5p in Figure 1.50a and for
Vps > Vs — Vp in Figure 1.50b. While pinch-off always occurs when the gate-to-channel voltage is Vo,
the higher drain voltage causes the location of this point (x = L) to move closer to the source end of the
channel. Since the electric field in this region, E, is roughly proportional to (Vs — Vp)/L where L is now a
function of Vpg and Vs and the carrier velocity v = .E (by assumption), then the current must increase
as the channel length decreases due to increasing carrier velocity. If the channel length is short, velocity
saturation may cause the drain current to saturate. In this case, the velocity saturation point moves closer
to the source as drain voltage is increased. Since the length has decreased, less gate-to-channel voltage is
needed to produce the critical field for velocity saturation. Less voltage implies a wider channel opening,
hence more current.

1.3.2.4 Temperature Effects

There are two mechanisms that influence the drain current of the JFET when temperature is changed
[8,9]. First, the pinch-off voltage becomes more negative (for n-channel) with increase in temperature,
therefore requiring lower Vs to cut off the channel or to enter the pinch-off region. Therefore, when the
device is operating in the pinch-off region, and Vs — Vp is small, the drain current will increase with
temperature. This effect is caused by the decrease in the built-in voltage of the gate-to-channel junction
with increasing temperature. Second, the carrier mobility and saturated drift velocity decreases with
temperature. This causes a reduction in drain current that is in opposition to the first effect. This effect
dominates for large Vs — Vp. Therefore, there is a Vigg value for which the drain current is exactly
compensated by the two effects. This is illustrated qualitatively in Figure 1.51.

The gate current is also affected by temperature, as it is the reverse current of a pn junction. The
current increases roughly by a factor of 2 for each 10°C increase in temperature. At high temperatures,
the input current of a JFET input stage may become comparable to that of a well-designed BJT input
stage of an op-amp, thus losing some of the benefit of the mixed BJT-JFET circuit design.

FIGURE 1.50 A channel cross section is shown for Vpg= Vgg— Vp in (a) and for Vg > Vs — Vp in (b). While
pinch-off always occurs when the gate-to-channel voltage is Vp, the higher drain voltage causes the location of this
point (x = L) to move closer to the source end of the channel.
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FIGURE 1.51 Effect of temperature on the drain current in the pinch-off region.

1.3.2.5 JFET Models

Most applications of the JFET in analog ICs employ the pinch-off region of operation. It is this region
that provides power gain and buffer (source follower) capability for the device, so the models for the JFET
presented below will concentrate on this region. It will also be assumed that the gate-source junction will
not be biased into forward conduction. Although forward conduction is simple to model using the ideal
diode equation within the FET equivalent circuit models, this bias condition is not useful for the principal
analog circuit applications of the JFET and will also be avoided in the discussion that follows.

1.3.2.5.1 Large-Signal Model: Drain Current Equations

Equations modeling the large signal JFET In— Vs characteristic can be derived for the two extreme cases

of FET operation in the pinch-off region. A gradually decreasing channel height and mobility limited

drift velocity in the channel are appropriate assumptions for very long gate length FETs. A fixed channel

height at pinch-off with velocity saturation limited drift velocity are more suitable for short gate lengths.
The square-law transfer characteristic [10] given by Equation 1.226 provides a good

Vv, 2
Ip = IDSS(I - %) (1 4+ \Vps) (1.226)
P

approximation to measured device characteristics in the case of long gate length (>5 pm) or very low
electric fields in the channel (Vgs— Vp)/L < Eg. In both cases, the channel height varies slowly and
the velocity remains proportional to mobility. E,, is the critical field for saturation of drift velocity, about
3.5 kV/cm for GaAs and 20 kV/cm for Si. Ipgs is defined as the drain current in the pinch-off region
when Vg =0. The first two terms of the equation are useful for approximate calculation of DC biasing.
The third term models the finite drain conductance caused by the channel length modulation effect. The
parameter A in this term is derived from the intercept of the drain current when extrapolated back to zero
as shown in Figure 1.52.

Equation 1.226 is also used to represent the pinch-off region in the SPICE JFET model. It is
parameterized in a slightly different form as shown below in Equation 1.227.

Ip = B(Vas; — Vro)*(1 + AVps) (1.227)
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FIGURE 1.52 The channel length modulation parameter X is defined by the extrapolation of the drain current in
saturation to Ip=0.

These equations are the same if Vo= Vp, and
B=22 (1.228)

and

Vasi = Vas — IpRs

(1.229)
Vs, = Vps — Ie(Rs + Rp)
The pinch-off region is defined for Vpg; > Vigs; — Vo as is usual for the gradual channel approximation.
Rg and Ry, are the parasitic source and drain resistances associated with the contacts and the part of the
channel that is outside of the gate junction. These resistances will reduce the internal device voltages
below the applied terminal voltages as shown in Equations 1.229.

For shorter gate length devices, improved models have been proposed and implemented in SPICE3
and some of the many commercial SPICE products, often in the MESFET model. The Statz model [11] is
frequently used for this purpose. This model modifies the drain current dependence on Vg by adding a
velocity saturation model parameter b in the denominator as shown in Equation 1.230.

B(Vasi — Vio)*

I = [m (1+ \Vps;) (1.230)
This added term allows the drain current to be nearly square law in Vg for small Vgg— Vy, but it
becomes almost linear when Vs is large, effectively emulating the rapid rise in transconductance
followed by saturation that is typical in short channel devices. Although the specific behavior of the
drain current is sensitive to the vertical doping profile in the channel), Equation 1.230 is flexible enough
to accommodate most short channel device characteristics with uniform or nonuniform channel
doping. Another feature of short gate length FETs that this model predicts adequately is a saturation
of Ip at Vpg; < Vgs; — Vro. This early transition into the pinch-off region is also a consequence of
velocity saturation and is widely observed.

1.3.2.5.2 Small-Signal Model

The small-signal model for the JFET in the pinch-off region is shown in Figure 1.53. The voltage
dependent current source models the transconductance g, as a constant which can be derived from
the drain current equations above from

3y
0V

(1.231)

8&m
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FIGURE 1.53 Small-signal model for the JFET in the pinch-off region.

The square-law current model (Equation 1.226) predicts a linearly increasing g,,, with Vs

2Ipss Vas
= ] 2GS 1232
g Vo ( Vp) ( )

whereas a model which includes some velocity saturation effects such as Equation 1.230 would predict a
saturation in g,.

The small-signal output resistance, r,, models the channel length modulation effect. This is also
derived from the drain current equations through

olp
= 1.2
rO aVDS ( 33)
For both models, r, is determined by
1
=-— 1.234
To =T\ (1.234)

The small-signal capacitors representing the nonlinear, voltage-dependent C,, Cyg, and Cg, are also
shown in Figure 1.53. Parasitic source and drain resistances, Rs and Rp, can also be included, as shown. If
they are not included in the small-signal model, the effect of these parasitics can sometimes be produced
in the intrinsic FET model by reducing the intrinsic g, of the device.

The short-circuit current gain-bandwidth product, fr, defined in Equation 1.235 is a high-frequency
figure of merit for transistors. It is inversely proportional to the transit time T of the channel charge, and
it is increased by reducing the gate length. Reduced L also reduces the gate capacitance and increases
transconductance. The material also affects f as higher drift velocity leads to higher gp.

8m 1
— =- (1.235)
Jr 2m(Cyes + Cgs + Cga) 7

1.3.2.6 Silicon JFET Technologies

The IC fabrication technology used to make JFETs depends primarily on the material. Discrete Si JFETs
are available that provide fr- above 500 MHz and very low input rms noise currents through optimizing
the channel design and minimizing parasitic capacitances, resistances, and gate diode leakage currents.
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FIGURE 1.54 Cross section of an ion implanted silicon JFET (not to scale).

However, a silicon IC process is rarely designed to optimize the performance of the JFET; rather, the
JFET is made to accommodate an existing bipolar process with as few modifications as possible [10].
Then, the extra circuit design flexibility and performance benefits of a relatively inexpensive mixed
FET/BJT process (often called BiFET) can be obtained with small incremental cost.

In principle, it would be possible to build p-channel Si JFETs in a standard analog BJT process without
additional mask steps if the base diffusion had suitable doping and thickness to give a useful pinch-off
voltage when overlaid with the emitter diffusion. Unfortunately, this is usually not the case, since the
emitter diffusion is too shallow, and the pinch-off voltage resulting from this approach would be too high
(positive in the case of the p-channel device). Therefore, the channel of the JFET must be made thinner
either through the use of an additional diffusion or by providing the channel and gate with ion
implantations.

In analog ICs applications, silicon JEET's are passengers on a bipolar process; they must be compatible
with the BJT process that they inhabit. Most flexibility in the JFET design is achieved using the ion
implantation method. Figure 1.54 illustrates the cross section of an ion implanted JFET. In order to gain
good control of the pinch-off voltage and transconductance, both the channel and the gate are formed by
ion implantation. In addition, the forced compatibility with the BJT process requires use of the collector
layer under the channel. This forms a lower gate electrode which is less heavily doped than the channel.
Therefore, the depletion region at this interface extends primarily into the collector region, and the lower
gate is less effective in contributing to the total transconductance of the JFET. It does add the parasitic
capacitance Cy, to the device at the collector to substrate junction, limiting frequency response. In
addition, the predeposition of channel and gate charge is much more repeatable with ion implantation
than with earlier double diffusion methods, so device matching and reproducibility of pinch-off voltage is
greatly improved. The fr will be improved by the larger g, per unit width and the slightly reduced gate
capacitances, and the drain breakdown voltage will be increased as is often needed for an analog IC
process. However, low-channel doping is not a good recipe for a high-frequency transistor with short gate
length, so the f of these devices is still only 50 MHz or so.

1.3.3 Compound Semiconductor FET Technologies

An introduction to compound semiconductor materials will be presented in this section to establish the
underlying rationale for using these materials for extremely high-performance MMIC and RFIC
applications. The transport properties of typical III-V materials are compared with silicon and
SiGe alloys.

There is no denying that silicon is the workhorse of the semiconductor industry. Large, high-quality
substrates are relatively inexpensive, a highly stable oxide can be grown with low interface state density,
and a highly advanced processing technology has enabled extremely large circuit density and extremely
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fine lines to be achieved with low parasitic capacitances. Its greatest weakness for electronic device
applications is the relatively low electron velocity and mobility. These intrinsic properties lead to higher
transit times and access resistances, respectively, a limitation on high frequency device performance. The
deeply scaled submicron technology has compensated for these deficiencies to some degree by aggressive
reduction in gate length or base width. Also, p-SiGe has higher hole mobility than p-Si, so access
resistance can be improved. And, using the strain induced by local depositions of SiGe in MOSFETs
increases electron and hole mobilities. As good as Si IC technology is, there exist compound semicon-
ductor materials whose intrinsic electron velocity and mobility are greatly superior to Si and so can
potentially offer higher frequency, higher speed or higher power performance.

The III-V FET and bipolar device technology can provide the highest frequency and lowest noise
circuit applications. Its main limitation is density. Device footprints are often significantly larger than
those of similar Si devices. Thus, the high intrinsic performance of these devices is achieved in circuits of
relatively low complexity.

1.3.3.1 Defining III-V Compound Semiconductors

The compound semiconductor family, as traditionally defined, is composed of the group III and group V
elements shown in Table 1.3 [12]. Each semiconductor is formed from at least one group 1II and one
group V element.

The main motivation for using the I1I-V compound semiconductors for device applications is found
in their electronic properties when compared with those of the dominant semiconductor material, silicon.
Figure 1.55 is a plot of steady-state electron velocity of several n-type semiconductors versus electric

TABLE 1.3 The Group II-VI Elements
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FIGURE 1.55 Electron velocity versus electric field for several n-type semiconductors.
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field [12]. From this graph, we see that at low electric fields the slope of the III-V semiconductor curves
(mobility) is higher than that of silicon. High mobility means that the semiconductor resistivity will be
less for III-V n-type materials, and it therefore will be easier to achieve lower access resistance. Access
resistance is the series resistance between the device contacts and the internal active region. An
example would be the base resistance of a bipolar transistor or source resistance of a FET. Lower
resistance will reduce some of the fundamental device time constants that often dominate device high
frequency performance. Figure 1.55 also shows that the peak electron velocity is higher for the III-V’s,
and the peak velocity can be achieved at much lower electric fields. High velocity reduces transit
time, the time required for a charge carrier to travel from its source to its destination, and improves
device high-frequency performance. Achieving this high velocity at lower electric fields means that the
devices will reach their peak performance at lower voltages, useful for low power, high-speed applica-
tions. Higher velocity of electrons also increases the current density of a device since current is the
product of charge and velocity. Mobility and peak velocities of several semiconductors are compared
in Table 1.4 [12].

The higher velocities are a consequence of the band structure of III-V materials. Since Si is an indirect
bandgap material, conduction electrons reside in a high effective mass conduction band (CB). Mobility is
dominated by the high effective mass. At high electric fields, the optical phonon generation process limits
the maximum achievable electron drift velocity. GaAs, on the other hand, is direct gap, the electron
mobility is high because of the lower energy, low effective mass CB where conduction electrons are
confined at low fields. However, the average electron velocity will be reduced at higher electric fields due
to scattering into the higher mass CB. This produces a saturated drift velocity less than the peak drift
velocity, typical of the direct-gap III-V’s.

To obtain significant transit velocity improvement over silicon, one must use a ternary III-III-V
semiconductor such as InGaAs. The high effective mass CB is separated by 50% of the bandgap for
InGaAs, whereas for GaAs it was only 20%. Thus, the peak velocity in InGaAs can be much higher than
GaAs because more energy can be transferred to the conduction electrons before they begin scattering to
the high mass CB. This results in higher peak velocity, 2.7 X 10’ cm/s vs. 2 X 107 cm/s for GaAs.

Also shown in Table 1.4, p-type III-V semiconductors have rather poor hole mobility when compared
with elemental semiconductor materials such as silicon or germanium. Holes also reach their peak
velocities at much higher electric fields than electrons. Consequently, there has been very little use of
p-channel III-V FET devices. The only reason to use compound semiconductor FETs is their superb
high-frequency performance. The p-channel devices cannot provide this.

TABLE 1.4  Electronic Properties of Compound Semiconductors Compared with Si and Ge

Eg Electron Mobility Hole Mobility Peak Electron Velocity
Semiconductor (eV) g (cm?/V-s) (cm?/V-s) (cm/s)
Si (bulk) 1.12 11.7 1,450 450 NA
Ge 0.66 15.8 3,900 1,900 NA
InP 1.35D 124 4,600 150 2.1 %107
GaAs 142D 13.1 8,500 400 2% 107
Gag 47Ing 53As 0.78 D 139 11,000 200 2.7 X 107
InAs 035D 14.6 22,600 460 4% 107
Aly ;Gag As 1.80 D 12.2 1,000 100 —
AlAs 2.17 10.1 280 — —
Aly sIng s2As 192D 123 800 100 —
GaN 3.39D 9.0 1,500 30 2.5-2.7 X 107
SiC (4H) 3.26 9.8 500 22 X107

Note: In bandgap energy column the symbol “D” indicates direct bandgap, otherwise it is indirect bandgap.
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1.3.3.2 Heterojunctions

Heterojunctions provide an additional degree of freedom that is widely used to improve performance of
compound semiconductor FET devices. The heterojunction formed by an atomically abrupt transition
between AlGaAs and GaAs, shown in the energy band diagram of Figure 1.56 [12], creates discontinuities
in the valence and CBs. The CB energy discontinuity is labeled AE¢ and the valence band discontinuity,
AEy. Their sum equals the energy bandgap difference between the two materials. The potential energy
steps caused by these discontinuities are used as barriers to electrons or holes. The relative sizes of these
potential barriers depend on the composition of the semiconductor materials on each side of the
heterojunction. In this example, an electron barrier in the CB is used to confine carriers into a narrow
potential energy well with triangular shape. Quantum well structures such as these are used to improve
device performance through two-dimensional charge transport channels, similar to the role played by the
inversion layer in MOS devices. The structure and operation of heterojunctions in FET's will be described
in Section 1.3.3.
The overall principle of the use of heterojunctions is summarized in a Central Design Principle:

Heterostructures use energy gap variations in addition to electric fields as forces acting on holes
and electrons to control their distribution and flow [13,14].

The energy barriers can control motion of charge both across the heterojunction and in the plane of the
heterojunction. In addition, heterojunctions are most widely used in light emitting devices since the
compositional differences also lead to either stepped or graded index of refraction, which can be used to
confine, refract, and reflect light. The barriers also control the transport of holes and electrons in the light
generating regions.

Figure 1.57 shows a plot of bandgap versus lattice constant for many of the I1I-V semiconductors {12].
Consider GaAs as an example. GaAs and AlAs have the same lattice constant {(approximately 0.56 nm)
but different band gaps (1.4 and 2.2 eV, respectively). An alloy semiconductor, AlGaAs, can be grown
epitaxially on a GaAs substrate wafer using standard growth techniques. The composition can be selected
by the Al to Ga ratio giving a bandgap that can be chosen across the entire range from GaAs to AlAs.
Since both lattice constants are essentially the same, very low lattice mismatch can be achieved for any
composition of Al,Ga;_,As. Lattice matching permits low defect density, high quality materials to be
grown that have good electronic and optical properties.

It quickly becomes apparent from Figure 1.57, however, that a requirement for lattice matching
to the substrate greatly restricts the combinations of materials available to the device designer.
For electron devices, the low mismatch GaAs/AlAs alloys, GaSb/AISb alloys, and ternary combi-
nations GaAs/Gag 49Ing 5P and InP/Ing 53Gag 47As/Ing 52Aly 43As alone are available. Efforts to utilize
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FIGURE 1.56 Energy band diagram of an abrupt heterojunction. Typical AlGaAs/GaAs HEMT band diagram.
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FIGURE 1.57 Energy bandgap versus lattice constant for compound semiconductor materials.

combinations such as GaP on Si or GaAs on Ge that lattice match have been generally unsuccessful
because of problems with interface structure, polarization, and autodoping,

For several years, lattice matching was considered to be a necessary condition if mobility-damaging
defects were to be avoided. This barrier was later broken when it was discovered that high quality
semiconductor materials could still be obtained although lattice-mismatched if the thickness of the
mismatched layer is sufficiently small [15,16]. This technique, called pseudomorphic growth, opened
another dimension in III-V device technology, and allowed device structures to be optimized over a
wider range of bandgap for better electron or hole dynamics and optical properties.

Two of the pseudomorphic systems that have been very successful in high performance millimeter-
wave FETs are the InAlAs/InGaAs/GaAs and InAlAs/InGaAs/InP systems. The In,Ga,_,As layer is
responsible for the high electron mobility and velocity which both improve as the In concentration x is
increased. Up to x=0.25 for GaAs substrates and x=0.80 for InP substrates have been demonstrated
and result in great performance enhancements when compared with lattice-matched combinations. [6]

InP substrates, however, are more expensive, smaller, and more easily broken than GaAs. And, the
3.8% lattice mismatch would seem to be too great for direct epitaxy of Ing 55Gag 47As on GaAs substrates.
It has been demonstrated, however, that good quality devices can be obtained using the metamorphic
growth technique. A thick InP transition layer or a graded InGaP layer is grown directly upon a GaAs
substrate. The defects caused by the lattice mismatch are largely contained in this layer, and low defect
layers can be obtained when grown upon this transitional buffer layer [17,18].

1.3.3.3 Compound Semiconductor HEMT Devices

High performance GaAs MESFET* and HEMT' devices are constructed with a metal-to-semiconductor
junction gate instead of a diffused or implanted pn junction gate. The metal gate forms a Schottky barrier
diode directly on an n-type channel or on a wider bandgap barrier layer. In the case of the MESFET as
shown in Figure 1.58 [19], the gate, directly on the n-type doped channel, forms a depletion layer which
allows the channel height to be varied in the same manner as the JFET. No gate dielectric or p-type
diffusion is necessary. Often the gate is deposited in a recess, etched below the surface of the channel.
This allows for thicker and sometimes more highly doped regions at source and drain to be used to

* Metal-semiconductor FET.
' High electron mobility transistor.
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FIGURE 1.58 Cross section of recessed gate GaAs MESFET. (From Estreich, D., in The VLSI Handbook, CRC
Press, Boca Raton, FL, 2006.)

reduce parasitic resistances. When gate cross sections are very small, for example less than 150 nm, the
gate metal is taller than the width, and a thicker, wider region is often deposited on the top to reduce gate
access resistance.

With the HEMT device, the gate potential modulates the height of a triangular potential well (Figure
1.56) thereby varying the channel charge available for source-drain conduction. The channel layer is
confined by the triangular potential well formed at the interface between the higher bandgap barrier
(InAlAs or AlGaAs) and channel (InGaAs or GaAs) as illustrated in the device cross sectional drawing in
Figure 1.59 [19]. In some devices, the back side of the channel is also confined by a wide gap barrier. The
confinement provided by these energy barriers provides large channel electron sheet concentrations,
improving g, and current density. The active region of the HEMT is formed by epitaxial growth of the
channel and barrier region with molecular beam epitaxy.

In Figure 1.59, the device is also shown with a recessed gate. This type of structure enables the use of
more highly doped, lower bandgap material on the surface to reduce parasitic source and drain
resistances.

These compound semiconductor FETs are used as the primary active device in analog microwave and
mm-wave monolithic integrated circuits (MMICs or RFICs). Extremely low noise figure and wide
bandwidth have been obtained by the use of HEMT, p-HEMT (pseudomorphic HEMT), and m-HEMT
(metamorphic HEMT) devices. These devices achieve their improved performance mainly through the
high mobility, undoped InGaAs channel material. The electron velocity vs. electric field of Ing 53Gag 47AS
is compared with GaAs and Si in Figure 1.55 where it can be seen that higher drift velocity is obtained in
Ing 53Gag 47As [20] than either GaAs [21] or Si [22]. The higher the In concentration in the InGaAs, the
higher the mobility and velocity and the lower the noise.

Finally, the gate barrier heterojunction also enables good Schottky gate characteristics to be obtained
even though the channel material itself has a low bandgap and would otherwise provide a poor barrier
height if the metal were in direct contact.

Source Drain
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FIGURE 1.59 Cross section of recessed gate AlGaAs/GaAs HEMT device structure. (From Estreich, D., in The
VLSI Handbook, CRC Press, Boca Raton, FL, 2006.)
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TABLE 1.5 Microwave and mm-Wave Performance Comparison between Compound
Semiconductor FETs

Frequency (GHz) Device Gain (dB) Noise Figure (dB) Reference

4-9 Dual Gate 21 <1.75 [1]

10-20 100 nm 17 <2.75

20-40 GaAs pHEMT 20 <25

23 130 nm 43 1.9 2]

18-40 InP HEMT >40 —

0.5-80 100 nm >17 <2.5 3]
InP HEMT

70-105 50 nm 20 2.4 [4]

220 m-HEMT 21

192-235 50 nm >15 — [5]
m-HEMT

270 35 nm 116 — (6]

300 InP p-HEMT 6

Excellent performance of HEMT, p-HEMT, and m-HEMT MMICs at microwave and millimeter wave
frequencies has been reported. Table 1.5 presents a summary of some representative MMIC amplifiers
where both narrowband and wideband amplifiers are reported. Gate lengths down to 35 nm have been
successfully used for mm-wave and sub-mm-wave amplifiers.

GaAs HEMT devices also exhibit higher breakdown voltages (often 15 to 20 V) that make them
suitable for power amplifier applications. In a recent article, a wideband distributed GaAs HEMT
amplifier was reported that provided over 4 W of output power from 4 to 18 GHz at a 5 V drain bias
with a power added efficiency of 23% [23]. Narrowband HEMT amplifiers can provide much higher
efficiency and power.

1.3.3.4 Wide Bandgap Compound Semiconductors

In recent years there has been increasing interest in the wide bandgap compound semiconductors, SiC
and GaN (and associated alloys of Al/In/Ga with N). The applications have been primarily for
microwave power applications because the wider bandgap increases breakdown voltage while the band
structure allows for high electron peak velocities in both materials [24,25]. Table 1.6 compares the
fundamental physical properties of the wide-gap compound semiconductors with GaAs and Si [12]. It
should be noted that there is not uniform agreement on the wide-gap parameter values from one
reference to the next, but the numbers presented are representative of the current literature. As seen in
Table 1.6, thermal conductivity is very high for both SiC and GaN, allowing for effective removal of heat
from power devices. In fact, at room temperature, SiC has a higher thermal conductivity than any metal.

Figure 1.60 compares the electron velocity of GaN and SiC with GaAs and silicon [12,26]. The peak
velocity of GaN is reached at electric fields above 150 kV/cm. Both SiC and GaN retain their good

TABLE 1.6 High Electron Mobility GaN

Bandgap Mobility E. Saturation Drift ~ Thermal Conductivity
Material (eV) (cm?/V-s) (V/cm) Velocity (cm/s) (W/em-K)
n-SiC (4H) 3.26 500 2.2 X 108 2% 107 3.0-3.8
n-GaN 3.39 1500 3% 10° 1.5 % 107 22
n-GaAs 1.4 5000 3% 10° 0.6 X 107 0.45

n-Si 1.1 1300 25X 10° 1x107 1.45
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FIGURE 1.60 Electron velocity versus electric field of GaN and SiC compared with Silicon and GaAs. (From Trew,
RJ., Proc. IEEE, 90, 1032, 2002. With permission.)

transport properties for high power applications. Table 1.6 shows that GaN has high electron mobility as
well, which helps to reduce parasitic source resistance. Hole mobility for wide bandgap compound
semiconductors is quite low, however, generally less than 50 cm®/V—s.

There is significant lattice mismatch between a GaN channel in a heterojunction FET and the AlGaN
barrier layer. However, the strain caused by this mismatch produces polarization and piezoelectric effects
that induce large sheet charge densities, above 10" cm™? in the channel, beneficial for high current
density operation of these devices [26]. This level of charge is about five times higher than what can be
induced in GaAs channels in the AlGaAs/GaAs heterostructure.

Figures of merit are often employed when comparing materials for microwave power amplifier
applications. Johnson’s FOM [27]

Ec Vsat

JEOM = (1.236)

27

has units of power—frequency. E, is the maximum or critical electric field for breakdown and v, is the
saturated drift velocity at high electric fields. This expresses the electronic merits of the material but
neglects to consider thermal conductivity, also of importance for power electronics. Nevertheless, based
on the electronic properties alone, GaN and SiC have a JEOM approximately 18 times greater than Si or
GaAs. If the superior thermal conductivity is also considered, it becomes clear that these materials are
extremely well suited for microwave power.

1.3.3.5 GaN HEMT Field Effect Transistors

The unusual electronic and thermal properties of the wide bandgap materials such as GaN are very
attractive for applications requiring transistors with both high breakdown voltage and high frequency
performance. This range of applications is focused especially on microwave power transistors.
To understand why, consider first what is most desirable in a high power transistor’s drain current-
voltage characteristics. Figure 1.61 shows an idealized representation of this characteristic. To obtain the
maximum output sinusoidal voltage and current amplitudes, one would like a device with high break-
down voltage, Viyearo low “knee” voltage, Vinee, and high maximum current, I,,,,. The voltage swing is
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Vinee (mobility)

=

q:) [ Imax (Vs)
3

w

[

2 /

&

|/

Device voltage T
Vbreak (Ec)

Power o AV AT = (Viresk~ Vinee) Tmax
Speed oo V

Idealized GaN HEMT drain current-drain voltage characteristic.

FIGURE 1.61
determined by Viiea — Vinee and the current swing by ... This combination provides high power

density (W/mm) in a device, therefore requiring smaller device area. Power is proportional to

Poyr (Vbreak - anee) X Imax-

DC to RF conversion efficiency, equally important in a power device, is proportional to

Efficiency o (1 — Vinee/ Vireak)-

Thus, a large breakdown voltage is helpful for both power and efficiency.
But, Si LDMOS devices also have high breakdown voltage. So, why is GaN better? First, the current

density is far higher in GaN. The high current density in the GaN HEMT is a result of the exceptionally
high sheet charge, 7, in the channel, typically 1 X 10"> cm ™ or higher. The high sheet charge density is a
result of the static polarization that occurs at the interface between the GaN channel and the AlGaN

barrier. To satisfy the charge balance at the interface, a high density of negative charge is required

A cross section of a GaN HEMT device is shown in Figure 1.62.

Gate -
Source —l ' Drain

AlGaN

2-D electron
Semi-insulating GaN

channel

Nucleation layer
SiC substrate

FIGURE 1.62 Cross section of GaN HEMT device structure.




1-100 Analog and VLSI Circuits

Second, the high current and power density means that smaller device areas can be used to meet a
particular power requirement. Smaller area translates into higher impedances because capacitances are
proportional to device area. This simplifies the matching at the input and output, and therefore can lead
to wider bandwidth and lower losses. The GaN devices are grown on a semi-insulating SiC substrate, thus
the drain-source capacitance, Cy, is small: typically about 0.25 pF/mm of device width. A 25 W device
would require about 5 mm of channel width giving Cq, of about 1.25 pF. The Si device drain capacitance
is generally quite high by comparison. For example, a 25 W LDMOS device designed for operation at
500 MHz has a Cy; of about 30 pF. This greatly limits the application of such devices for higher frequency
or switching mode PA applications.

The current density and high frequency performance are also aided by the high saturated electron
velocity in GaN. Refer once again to Figure 1.60 where electron velocity at high electric field in GaN is
compared with other semiconductor materials. The electron transit time across the channel is inversely
proportional to the carrier velocity; the current directly proportional.

The GaN HEMT gate structure often includes a field plate at the drain end of the gate as shown in
Figure 1.63. The field plate distributes the electric field in the gate~drain region over a wider area leading
to reduction in peak electric field and higher breakdown voltage. In addition, surface trap charge is less
affected by potential variation on the surface, thus there is less depletion of channel charge by these traps
leading to reduction in the low frequency dispersion effects.

Recent GaN HEMT microwave power amplifier performance highlights are presented in Table 1.7.
Power outputs of several hundreds of watts have been obtained under low duty cycle pulsed operating
conditions where thermal effects are less serious. CW output powers in the same range have been
obtained by power combining of two or more amplifiers. Operation at 35 GHz was reported on MMIC
PAs using devices with reduced gate length (0.15 wm) and smaller drain voltages.

Field plate

Gate ~A Depletion region
Dielectric

2-D electron 7|
channel

Semi-insulting GaN

Nucleation layer
SiC substrate

FIGURE 1.63 Cross section of GaN HEMT device structure with gate connected field plate.

TABLE 1.7 Recent GaN/HEMT Microwave Power Amplifier
Performance Highlights

F(GHz) Pour (W) PAE (%) Vpc(V) W/mm  Reference

1.5 500° 49 65 13.9° (28]
2.14 750* — 50 7.8% [29]
2.14 370 - 45 38 (30]
6 130° 45 50° 54° (31]
95 80 34 30 35 [32]
35 4° 23 24 33 [33]
35 0.9° 51 20 45 [34]

? Pulsed CW unless otherwise noted.
> MMIC.
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& AlGaN barrier

GaN buffer AIGaN transition

High res (111) §i AIN nucleation layer

FIGURE 1.64 GaN on Si m-HEMT substrate.

GaN has also been successfully grown on high resistivity silicon substrates as illustrated by Figure 1.64
A thick nucleation layer leads to a metamorphic structure. Good power amplifier GaN on Si HEM
devices have been demonstrated to provide comparable performance in power and efficiency to thos
grown on Si [35,36]. The thermal conductivity of silicon is considerably less than that of SiC, however, s
one would not expect the thermal resistance of the GaN on Si HEMT to be as low as the former.

1.3.4 Conclusion

While the mainstream semiconductor device and circuit technology is defined by silicon and its relatec
materials, the superior electron transport properties of compound semiconductor materials offer uniqu
advantages in applications requiring the highest frequency, speed and power or lowest noise figure. Th
range of device structural possibilities with compound semiconductor heterojunctions is far greate
than what can be realized without this option, and this has led to high-performance FET structures
HEMT, p-HEMT, and m-HEMT, with excellent bandwidth, noise figure, and power.
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1.4 Passive Components
Nhat M. Nguyen

1.4.1 Resistors

Resistors available in monolithic form are classified in general as semiconductor resistors and thin-film
resistors. Semiconductor structures include diffused, pinched, epitaxial, and ion-implanted resistors.
Commonly used thin-film resistors include tantalum, nickel~chromium (Ni-Cr), cermet (Cr-SiO), and
tin oxide (SnQ,). Diffused, pinched, and epitaxial resistors can be fabricated along with other circuit
elements without any additional processing steps. Ion-implanted and thin-film resistors require add-
itional processing steps for monolithic integration but offer lower temperature coefficient, smaller
absolute value variation, and superior high-frequency performance.

Resistor calculation. The simplified structure of a uniformly doped resistor of length L, width W, and
thickness T is shown in Figure 1.65. The resistance is

p\ L L

- <_) 7= Rar (1.237)

R:
T/ W

1 L
o WT
where

o and p are conductivity and resistivity of the sample, respectively

Ry is referred to as the sheet resistance

From the theory of semiconductor physics, the conductivity of a semiconductor sample is

o = g+ 1y (1.238)

where
q is the electron charge (1.6 X 107"* C)
pa(cm?/V - s) is the electron mobility
wy{cm®/V - s) is the hole mobility
n(cm™>) is the electron concentration
p(cm ) is the hole concentration
o(Q/cm)™" is the electrical conductivity

ﬂk Net impurity profile

FIGURE 1.65 Simplified structure of a uniformly doped resistor.
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For an n-type doped sample with a concentration Np(cm™>) of donor impurity atoms, the electron
concentration # is approximately equal to Np. Given the mass-action law np = n?, the conductivity of an
n-type doped sample is approximated by

n?
o= q(p,nND + 1y N—’) ~ qu.,Np (1.239)
D

where n(cm™?) is the intrinsic concentration. For a p-type doped sample, the conductivity is

2
o= q(p,n N_A + ;LPNA) ~ qu,Na (1.240)

where N4(cm ™) is the concentration of p-type donor impurity atoms. The sheet resistance of an n-type
uniformly doped resistor is thus

1

For an n-type nonuniformly doped resistor as shown in Figure 1.66, where n-type impurity atoms are
introduced into the p-type region by means of a high-temperature diffusion process, the sheet resistance
[7] is

-1

X
Ro = | [ anoo(a1ds (1.242)
0

where x; is the distance from the surface to the edge of the junction depletion layer.

Measured values of electron mobility and hole mobility in silicon material as a function of impurity
concentration are shown in Figure 1.67 [4]. The resistivity p (£2-cm) of n-type and p-type silicon as a
function of impurity concentration is shown in Figure 1.68 [12].

n-Type doped region, Np,(x)

p-Type region K /

R} Net impurity

profile

Np(x)

O\
|
1 4

le—dx

FIGURE 1.66 Simplified structure of an n-type nonuniformly doped resistor.
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FIGURE 1.67 Electron and hole mobility vs. impurity concentration in silicon.

o
I R N N S

0.01

0.001

Resistivity

i T T T T

p-Type -
n-Type -

1 | | | |

le+14 le+15 le+16 le+17 le+18 le+19 le+20

Impurity concentration
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The sheet resistance depends also on temperature since both electron mobility and hole mobility vary
with temperature [17]. This effect is accounted for by utilizing a temperature coefficient quantity that
measures the sheet resistance variation as a function of temperature. A mathematical model of the
temperature effect is

R.(T) = Ry(T)[(T — T,)TC] (1.243)

where
T, is the room temperature
“TC” is the temperature coefficient

1.4.1.1 Diffused Resistors

In metal-oxide-semiconductor (MOS) technology, the diffused layer forming the source and drain of the
MOS transistors can be used to form a diffused resistor. In silicon bipolar technology, the available
diffused layers are base diffusion, emitter diffusion, active base region, and epitaxial layer.

Base-diffused resistors. The structure of a typical base diffused resistor is shown in Figure 1.69, where
the substrate material is assumed of p-type silicon material. The diffused resistor is formed by using the
p-type base diffusion of the npn transistors. The resistor contacts are formed by etching selected windows
of the SiO; passivation layer and depositing thin films of conductive metallic material. The isolation
region can be formed with either a p-type doped junction or a trench filled with SiO, dielectric material.
The pn junction formed by the p-type resistor and the n-type epitaxial (epi) layer must be reverse biased

Isolation

\ Emitter diffusion
Resistor e Resistor Epitaxial
p Diffusion contact

Si0, contact

n" Buried layer

p Substrate

O
Epi contact

FIGURE 1.69 p-Type base-diffused resistor.
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in order to eliminate the undesired dc current path through the pn junction. The impedance associated
with a forward-biased pn junction is low and thus would also cause significant ac signal loss. To ensure
this reverse bias constraint the epi region must be connected to a potential that is more positive than
either end of the resistor contacts. Connecting the epi region to a relatively higher potential also
eliminates the conductive action due to the parasitic pnp transistor formed by the p-type resistor, the
n-type epi region, and the p-type substrate. When the base-diffused resistor is fabricated along with other
circuit elements to form an integrated circuit (IC), the epitaxial contact is normally connected to the most
positive supply of the circuit.

The resistance of a diffused resistor is given by Equation 1.237, where the diffused sheet resistance is
between 100 and 200 £2/N. Due to the lateral diffusion of impurity atoms, the effective cross-sectional
area of the resistor is larger than the width determined by photomasking. This lateral or side diffusion effect
can be accounted for by replacing the resistor width W by an effective width W.g, where Wg> W. The
resistance from the two resistor contacts must also be accounted for, especially for small values of L/W {3].
Base-diffused resistors have a typical temperature coefficient between +1500 and 42000 ppm/°C.

The maximum allowable voltage for the base-diffused resistor of Figure 1.69 is limited by the
breakdown voltage between the p-type base diffusion and the n-type epi. This voltage equals the
breakdown voltage BVcpo of the collector-base junction of the npn transistor and typically causes an
avalanche breakdown mechanism across the base—epi junction. As the applied voltage approaches the
breakdown voltage, a large leakage current flows from the epi region to the base region and can cause
excessive heat dissipation.

For analog IC applications where good matching tolerance between adjacent resistors is required, the
resistor width should be made as large as possible. Base-diffused resistors with 50 wm resistor widths can
achieve a matching tolerance of +0.2%. The minimum resistor width is limited by photolithographic
consideration with typical values between 3 and 5 pm. Also, in order to avoid the self-heating problem of
the resistor it is important to ensure a minimum resistor width for a given dc current level, with a typical
value of about 3 wm for every 1 mA of current.

With respect to high-frequency performance, the reverse-biased pn junction between the p-type base
diffusion and the n-type epi contributes a distributed depletion capacitance which in turn causes an
‘impedance roll-off at 20 dB/decade. This capacitance depends on the voltage applied across the junction
and the junction impurity-atom dopings. For most applications the electrical lumped model as shown in
Figure 1.69 is adequate for characterizing this capacitive effect where the effective pn junction area is
divided equally between the two diodes. Figure 1.70 shows a normalized impedance response as a function
of the RC distributed stage. The frequency at which impedance value is reduced by 3 dB is given by

1\20 L .
(E) RC N =1 (Circuit model of Figure 1.62)

1\2.32 N2

2w/ RC N
faae= I 242 (1.244)
—|=Z=== N=3
(217) RC

11248
— =2 N=4
(217) RC

Emitter-diffused resistors. Emitter-diffused resistors are formed by using the heavily doped n™ emitter
diffusion layer of the npn transistors. Due to the high doping concentration, the sheet resistance can be as
low as 2 to 10 /N with a typical absolute value tolerance of £20%.

Figure 1.71 shows an emitter-diffused resistor structure where an n™ diffusion layer is formed
directly on top of the n-type epitaxial region and the ohmic contacts are composed of conductive
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FIGURE 1.70 Normalized frequency response of a diffused resistor for N=1, 2, 3, 4. The epi contact and one end
of the resistor are grounded.

metal thin films. Since the resistor body and the epi layer are both n-type doped, they are electrically
connected in parallel but the epi layer is of much higher resistivity due to its lower concentration
doping, and thus the effective sheet resistance of the resistor structure is determined solely by the n*
diffusion layer. The pn junction formed between the p-type substrate and the n-type epi region must
always be reverse biased, which is accomplished by connecting the substrate to a most negative
potential. Because of the common n-type epi layer, each resistor structure of Figure 1.71 requires a
separate isolation region.

Figure 1.72 shows another emitter diffused resistor structure where the n* diffusion layer is situated
within a p-type diffused well. Several such resistors can be fabricated in the same p-type well or in the
same isolation region because the resistors are all electrically isolated. The p-type well and the n*
diffusion region form a pn junction that must always be reverse biased for electrical isolation. In order
to eliminate the conductive action due to the parasitic npn transistor formed by the n-type resistor body,
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FIGURE 1.71 n-Type emitter-diffused resistor 1.
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the p-type well, and the n-type epi, the junction potential across the well contact and the epi contact
must be either short-circuited or reverse-biased. The maximum voltage that can be applied across the
emitter-diffused resistor of Figure 1.72 is limited by the breakdown voltage between the n* diffusion and
the p-type well. This voltage equals the breakdown voltage BVgpg of the emitter-base junction of the npn
transistor, with typical values between 6 and 8 V.

1.4.1.2 Pinched Resistors

The active base region for the npn transistor can be used to construct pinched resistors with typical
sheet resistance range from 2 to 10 K)/N. These high values can be achieved due to a thin cross-sectional
area through which the resistor current traverses. The structure of a p-type base-pinched resistor is
shown in Figure 1.73, where the p-type resistor body is “pinched” between the n* diffusion layer and the
n-type epitaxial layer. The n* diffusion layer overlaps the p-type diffusion layer and is therefore
electrically connected to the n-type epi. In many aspects the base-pinched resistor behaves like a
p-channel JFET, in which the active base region functions as the p-channel, the two resistor contacts
assume the drain and source, and the n* diffusion and the epi constitute the n-type gate. When the pn
junction formed between the active base and the surrounding n* diffusion and n-epi is subject to a
reverse bias potential, the carrier-free depletion region increases and extends into the active base region,
effectively reducing the resistor cross section and consequently increasing the sheet resistance. Since the
carrier-free depletion region varies with reverse bias potential, the pinched resistance is voltage controlled
and is nonlinear.

Base diffusion Buried layer —E

Isolation | *=—=-[-— L -=
n* Diffusion

p Diffusion pinched region

Resistor Resistor Epitaxial
. + i i
SiOy contact w\ \n Diffusion contactw contact \

n Epitaxial
n* Buried layer

p Substrate

=TT I

o— —o0
J— ! I
p-channel JFET
Epi contact

Epi contact

FIGURE 1.73 p-Type base-pinched resistor.
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Absolute values for the base-pinched resistors can vary as much as +50% due to large process variation
in the fabrication of the active base region. The maximum voltage that can be applied across the base-
pinched resistor of Figure 1.73 is restricted by the breakdown voltage between the n™* diffusion layer and
the p-type base diffusion. The breakdown voltage has a typical value around 6 V.

1.4.1.3 Epitaxial Resistors

Large values of sheet resistance can be obtained either by reducing the effective cross-sectional area of the
resistor structure or by using a low doping concentration that forms the resistor body. The first technique
is used to realize the pinched resistor while the second is used to realize the epitaxial resistor. Figure 1.74
shows an epitaxial resistor structure where the resistor is formed with a lightly doped epitaxial layer. For
an epi thickness of 10 wm and a doping concentration of 10" donor atoms/cm?, this structure achieves a
resistivity of 5 {}-cm and an effective sheet resistance of 5 Kf}/N. The temperature coefficient of the
epitaxial resistor is relatively high with typical values around +3000 ppm/°C. This large temperature
variation is a direct consequence of the hole and electron mobilities undergoing more drastic variations
against temperature at particularly low doping concentrations [13]. The maximum voltage that can be
applied across the epitaxial resistor is significantly higher than that for the pinched resistor. This voltage

nt Diffusion Optionalp diffusion plate nt Diffusion

p-Type
isolation

Resistor . . . Resistor
Si0, contact Optional p diffusion contact

n Epitaxial

p Substrate

I R |

' I

S I
Substrate

Tt T T I

o—1 —0

Substrate 'L___{f____:

Substrate
(a) Epitaxial resistor (b) Epitaxial-pinched resistor

FIGURE 1.74 n-Type epitaxial and epitaxial-pinched resistors.
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is set by the breakdown voltage between the n-type epi and the p-type substrate which varies inversely
with the doping concentration of this pn junction.

Epitaxial-pinched resistors. By putting a p-type diffusion plate on top of the epitaxial resistor of
Figure 1.74, even larger sheet resistance value can be obtained. The p-type diffusion plate overlaps the
epi region and is electrically connected to the substrate through the p-type isolation. The epi layer is thus
pinched between the p-type diffusion plate and the p-type substrate. When the n-type epi and the
surrounding p-type regions is subject to a reverse bias potential, the junction depletion width extends
into the epi region and effectively reduces the cross-sectional area. Typical sheet resistance values are
between 4 and 5 K{/N. The epitaxial-pinched resistor behaves like an n-channel JFET, in which the
effective channel width is controlled by the substrate voltage.

1.4.1.4 Ion-Implanted Resistors

Ion implantation is an alternative technique beside diffusion for inserting impurity atoms into a silicon
wafer [17]. Commonly used impurities for implantation are the p-type boron atoms. The desired
impurity atoms are first ionized and then accelerated to a high energy by an electric field. When a
beam of these high-energy ions is directed at the wafer, the ions penetrate into exposed regions of the
wafer surface. The penetration depth depends on the velocity at contact and is typically between 0.1 and
0.8 wm. The exposed regions of the wafer surface are defined by selectively etching a thick thermally
grown SiO; layer that covers the wafer and functions as a barrier against the implanted ions. Unique
characteristics of the ion-implantation technique include a precise control of the impurity concentration,
uniformly implanted layers of impurity atoms, and no lateral diffusion. The structure of a p-type ion-
implanted resistor is shown in Figure 1.75, where the p-type diffused regions at the contacts are used to
achieve good ohmic contacts to the implanted resistor. The pn junction formed between the p-type
implanted region and the n-type epitaxial layer must be reverse biased for electrical isolation. By
connecting the epi region to a potential relatively more positive than the substrate potential, the
conductive action due to the parasitic pnp transistor formed by the p-type implanted, the n-type epi,
and the p-type substrate is also eliminated. lon-implanted resistors exhibit relatively tight absolute value
tolerance and excellent matching. Absolute value tolerance down to 3% and matching tolerance of +2%
are typical performance.

Resistor Resistor Epitaxial

contact \ p Implanted region contact \ contact \
. i '
K, p Diffused n Epitaxial K p Diffused

p Substrate

SiO,

Epi contact

FIGURE 1.75 p-Type ion-implanted resistor.
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TABLE 1.8  Typical Properties of Semiconductor Resistors

Absolute Matching Temperature
Resistor Type Sheet p({}/N) Tolerance (%) Tolerance (%) Coefficient (ppm/°C)
Base-diffused 100-200 +20 +2 (5 pm wide) +1500 to +2000

+0.2 (50 pm wide) —

Emitter-diffused 2-10 +20 +2 +600
Base-pinched 2-10 K +50 +10 42500
Epitaxial 2-5K +30 +5 43000
Epitaxial-pinched 4-10K +50 +7 -+3000
Ion-implanted 100-1000 +3 +2 (5 pm wide) Controllable to +100

+0.15 (50 pm wide)

Source: Gray, P.R. and Meyer, R.G., Analysis and Design of Analog Integrated Circuits, Wiley, New York, 1984, p. 119.

Table 1.8 provides a summary of the typical characteristics for the diffused, pinched, epitaxial, and ion-
implanted resistors.

1.4.1.5 Thin-Film Resistors

Compared with diffused resistors, thin-film resistors offer advantages of a lower temperature coefficient,
a smaller absolute value variation, and an excellent high-frequency characteristic. Commonly used
resistive thin films are tantalum, Ni-Cr, Cr-SiO, and SnO,. A typical thin-film resistor structure is
shown in Figure 1.76, where a thin-film resistive layer is deposited on top of a thermally grown SiO, layer
and a thin-film conductive metal layer is used to form the resistor contacts. The oxide layer functions as
an insulating layer for the resistor. Various CVD techniques can be used to form the thin films [8]. The
oxide passivation layer deposited on top of the resistive film and the conductive film protects the device
surface from contamination. The electrical lumped model as shown in Figure 1.76 is adequate to
characterize the high-frequency performance of the resistor. The parallel-plate capacitance formed

Oxide passivation layer

Metal Metal

Thin-film resistive layer

contact contact

$i0,

p Substrate

Substrate

FIGURE 1.76 Thin-film resistor.
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TABLE 1.9  Typical Characteristic of Thin-Film Resistors

Resistor Sheet Absolute Matching Temperature
Type p(Y/N) Tolerance (%) Tolerance (%) Coefficient (ppm/°C)
Ni-Cr 40-400 +5 +1 +100

Ta 10-1000 +5 +1 +100

SnO, 80-4000 +8 +2 0-1500

Cr-8iO 30-2500 +10 +2 +50 to £150

Source: Grebene, A.B., Bipolar and MOS Analog Integrated Circuit Design, Wiley, New York,
1984, p. 155.

between the thin-film resistive and the substrate is divided equally between the two capacitors. Table 1.9
provides a summary of the characteristics for some commonly used thin-film resistors.

1.4.2 Capacitors

Monolithic capacitors are widely used in analog and digital ICs for functions such as circuit stability,
bandwidth enhancement, ac signal coupling, impedance matching, and charge storage cells. Capacitor
structures available in monolithic form include pn junction, MOS, and polysilicon capacitors. pn
junctions under reverse-biased conditions exhibit a nonlinear voltage-dependent capacitance. MOS
and polysilicon capacitors, on the other hand, closely resemble the linear parallel-plate capacitor
structure as shown in Figure 1.77. If the insulator thickness T of the parallel-plate structure is small
compared with the plate width W and length L, the electric field between the plates is uniform (fringing
field neglected). Under this condition the capacitance can be calculated by

c:L;"WL (1.245)

where k is the relative dielectric constant of the insulating material and € is the permittivity constant in
vacuum (8.854 X 107 F/cm).

Top plate

Insulating layer

Bottom plate

FIGURE 1.77 Structure of a parallel-plate capacitor.
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FIGURE 1.78 Abrupt p-n junction: (a) p-n junction symbol; (b) depletion region; (c) charge density within the
depletion region; and (d) electric field.

1.4.2.1 Junction Capacitors

The structure of an abrupt pn junction is shown in Figure 1.78, where the doping is assumed uniform
throughout the region on both sides. The acceptor impurity concentration of the p region is N4
atoms/cm? and the donor impurity concentration of the n region is Ny, atoms/cm’. When the two regions
are brought in contact, mobile holes from the p region diffuse across the junction to the n region and
mobile electrons diffuse from the n to the p region. This diffusion process creates a depletion region that is
essentially free of mobile carriers (depletion approximation) and contains only fixed acceptor and donor
ions. Ionized acceptor atoms are negatively charged and ionized donor atoms are positively charged. In
equilibrium the diffusion process is balanced out by a drift process that arises from a built-in voltage s,
across the junction. This voltage is positive from the n region relative to the p region and is given by [17]

kT . NiNp
- n—2
q n;

¥, (1.246)

where
k is the Boltzmann constant (1.38 X 1072*> V - C/K)
T is the temperature in Kelvin (K)
q is the electron charge (1.60 X 107 Q)
n(cm™>) is the intrinsic carrier concentration in a pure semiconductor sample

For silicon at 300 K, ;215X 10'% cm 3.
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When the pn junction is subject to an applied reverse bias voltage Vg, the drift process is augmented by
the external electric field and more mobile electrons and holes are pulled away from the junction. Because
of this effect, the depletion width W, and consequently the charge Q on each side of the junction vary
with the applied voltage. A junction capacitor can thus be defined to correlate this charge-voltage
relationship. The Poisson’s equation relating the junction voltage ¢(x) to the electric field £(x) and the
total charge Q is

2
Folx) _ dékx) _ —g;(p~n+ND“NA)

de dx

N

qS—A —XP <x<0
S

I~ (1.247)

N

_ 4% 0 <x<x
3

where &g (11.889=1.04 X 102 F/cm) is the permittivity of the silicon material. The first integral of
Equation 1.247 yields the electric field as

—q—i!‘i(x—l-xp) —xp, <x <0
s

N
—qE—D(xn—l-x) 0<x<x,
s

Ex) = (1.248)

The electric field is shown in Figure 1.78, where the maximum field strength occurs at the junction edge.
This value is given by

_Na, _ 4o
’gmax,_ £ Xp = gg Xn

The partial depletion width x;, on the p region and the partial depletion width x, on the n region can then
be related to the depletion width W as

X +x, =Wy
Np
=Ty,
TN LN e
Ny
) S
n Na + Np d

Taking the second integral of Equation 1.247 yields the junction voltage

Ny (%2 P
= Lrxx+= —Xp <x<0
Es 2 2
ex) = (1.249)
Np [ %aX 2
4o ﬂﬁ-xnx—)—c— 0<x<xy
Eg 2 2

where the voltage at x;, is arbitrarily assigned to be zero. The total voltage i, + Vg can be expressed as

qNp Np\
= n) — < — 1 o
‘l"o + VR ‘P(x ) 285 ( + NA)xn
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Finally, the depletion width Wy and the total charge Q in terms of the total voltage across the junction
can be derived to be

Wa = [2_28(‘1’0+VR)<L+ ! )]1/2

Ni Np
] ] 1 1/2 (1250)
0] = A(aNaxy) = AlaNow) = 4| 2a5sCh + Vo) (- 51 }
A D
The junction capacitance is thus
_171/2
1 1 1\
Cj — d_Q = A q_SS - —_t —
dvr 2 \Uo+Vr/\Na Np
Co
=0 (1.251)

where
A is the effective cross-sectional junction area
Cjo is the value of G for V=0

If the doping concentration in one side of the pn junction is much higher than that in the other, the
depletion width and the junction capacitance can be simplified to

2 1/2
Wy = {qTL (b + VR)] (1.252)
1/2
C = AFS‘;NL (ﬁ)} (1.253)

where Ny is the concentration of the lightly doped side. Figure 1.79 displays the junction capacitance per
unit area as a function of the total voltage J, + V and the concentration on the lightly doped side of the
junction [3].

In silicon bipolar technology the base—emitter, the base-collector, and the collector-substrate junc-
tions under reverse bias are often utilized for realizing a junction capacitance. The collector—substrate
junction has only a limited use since it can only function as a shunt capacitor due to the substrate being
connected to an ac ground.

Base-collector junction capacitor. A typical base~collector capacitor structure is shown in Figure 1.80
together with an equivalent lumped circuit model. A heavily doped n™ buried layer is used to minimize
the series resistance Rc. For the base—collector junction to operate in reverse bias, the n-type collector
must be connected to a voltage relatively higher than the voltage at the p-type base. The junction
breakdown voltage is determined by BVcpo of the npn transistor, which has a typical value between
25and 50 V.

Base-emitter junction capacitor. Figure 1.81 shows a typical base-emitter capacitor structure
where the parasitic junctions Dpc and Dsc must always be in reverse bias. The base-emitter junction
achieves the highest capacitance per unit area among the base-collector, base-emitter, and collector-
substrate junctions due to the relatively higher doping concentrations in the base and emitter regions.
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FIGURE 1.79 Junction capacitance as a function of the total voltage and the concentration on the lightly
doped side.
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FIGURE 1.80 Base-collector junction capacitor.

For the base-emitter junction to operate in reverse bias, the n-type emitter must be connected to a
voltage relatively higher than the voltage at the p-type base. The breakdown voltage of the base-emitter
junction is relatively low, determined by the BVggo of the npn transistor, which has a typical value of
about 6 V.
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FIGURE 1.81 Base-emitter junction capacitor.

1.4.2.2 MOS Capacitors

MOS capacitors are preferable and commonly used in ICs since they are linear and not confined to a
reverse-biased operating condition as in the junction capacitors. The structure of a MOS capacitor is
shown in Figure 1.82, where by means of a local oxidation process a thin oxide layer is thermally grown
on top of a heavily doped n™* diffusion layer. The oxide layer has a typical thickness between 500 and
1500 A (A=10"" m=10"* um) and functions as the insulating layer of the parallel-plate capacitor.
The top plate is formed by overlapping the thin oxide area with a deposited layer of conductive metal.
The bottom-plate diffusion layer is heavily doped for two reasons: to minimize the bottom-plate
resistance and to minimize the depletion width at the oxide-semiconductor interface when the capacitor
operates in the depletion and inversion modes [17]. By keeping the depletion width small, the effective
capacitance is dominated by the parallel-plate oxide capacitance. The MOS capacitance is thus given by

Kox &€
C=-224 1.254
2 (1.254)

where
Kox 18 the relative dielectric constant of SiO, (2.7 to 4.2)
€o is the permittivity constant
T is the oxide thickness
A is the area defined by the thin oxide layer

In practice, a thin layer of silicon nitride (Si3N,) is often deposited on the thin oxide layer and is used
to minimize the charges inadvertently introduced in the oxide layer during oxidation and subsequent
processing steps. These oxide charges are trapped within the oxide and can cause detrimental effect to the
capacitor characteristic [17]. The silicon nitride assimilates an additional insulating layer and effectively
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FIGURE 1.82 MOS capacitor.

creates an additional capacitor in series with the oxide capacitor. The capacitance for such a structure can
be determined by an application of Gauss’s law. It is given by

&
C=+2—A (1.255)

Ty T,
() + (%)
where

Ty and Toy are the thickness of the silicon nitride and oxide layers, respectively
Ko (2.7 to 4.2) and k,; (3.5 to 9) are the relative dielectric constant of oxide and silicon nitride,
respectively

In the equivalent circuit model of Figure 1.82, the parasitic junction between the p-type substrate and the
n-type bottom plate must always be reverse biased. The bottom-plate contact must be connected to a
voltage relatively higher than the substrate voltage.

1.4.2.3 Polysilicon Capacitors

Polysilicon capacitors are conveniently available in MOSFET technology, where the gate of the MOSFET
transistor is made of polysilicon material. Polysilicon capacitors also assimilate the parallel-plate
capacitor. Figure 1.83 shows a typical structure of a polysilicon capacitor, where a thin oxide is deposited
on top of a polysilicon layer and serves as an insulating layer between the top-plate metal layer and the
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FIGURE 1.83 Polysilicon capacitor.

bottom-plate polysilicon layer. The polysilicon region is isolated from the substrate by a thick oxide layer
that forms a parasitic parallel-plate capacitance between the polysilicon layer and the substrate. This
parasitic capacitance must be accounted for in the equivalent circuit model. The capacitance of the
polysilicon capacitor is determined by either Equation 1.254 or 1.255 depending on whether a thin silicon
nitride is used in conjunction with the thin oxide.

1.4.3 Inductors

Planar inductors have been implemented using a variety of substrates such as standard PC boards,
ceramic and sapphire hybrids, monolithic GaAs [24], and more recently monolithic silicon {18]. In the
early development of silicon technology, planar inductors were investigated [26], but the prevailing
lithographic limitations and relatively large inductance requirements (for low-frequency applications)
resulted in excessive silicon area and poor performance. Reflected losses from the conductive silicon
substrate were a major contribution to low inductor Q. Recent advances in silicon IC processing
technology have achieved fabrication of metal width and metal spacing in the low micrometer range
and thus allow many more inductor turns per unit area. Also, modern oxide-isolated processes
with multilayer metal options allow thick oxides to help isolate the inductor from the silicon substrate.
Practical applications of monolithic inductors in low-noise amplifiers, impedance matching amplifiers,
filters and microwave oscillators in silicon technologies have been successfully demonstrated [19,20].

Monolithic inductors are especially useful in high-frequency applications where inductors of a few
nano-Henrys of inductance are sufficient. Inductor structures in monolithic form include strip, loop, and
spiral inductors. Rectangular and circular spiral inductors are by far the most commonly used structures.

1.4.3.1 Rectangular Spiral Inductors

The structure of a rectangular spiral inductor is shown in Figure 1.84, where the spiral loops are formed with
the top metal layer M, and the connector bridge is formed with the bottom metal layer M;. Using the top
metal layer to form the spiral loops has the advantage of minimizing the parasitic metal-to-substrate
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FIGURE 1.84 Rectangular spiral inductor.

capacitance. The metal width is denoted by W and the metal spacing is denoted by S. The total inductance is
given by

4N 4N—-1 4N
L= L()+2- > Z Lu(if) (1.256)
i=1 i=1 j=i+1

where
N is the number of turns
Lg(i) is the self inductance of the rectangular metal segment i
Ly (i) is the mutual inductance between metal segments i and j

The self-inductance is due to the magnetic flux surrounding each metal segment. The mutual inductance
is due to the magnetic flux coupling around every two parallel metal segments and has a positive value if
the currents applied to the metal conductors flow in the same direction and a negative value otherwise.
Perpendicular metal segments have negligible mutual inductance.

The self-inductance and mutual inductance for straight rectangular conductors can be determined by
the geometric mean distance method [10], in which the conductors are replaced by equivalent straight
filaments whose basic inductive characteristics are well known.

Self-inductance. The self-inductance for the rectangular conductor of Figure 1.85 depends on the
conductor length L, the conductor width W, and the conductor thickness T. The static self-inductance
is given by [9,10].

B 2L AMD\ /.
Lo =2L [m (GMD) —1.25+ (T) n (7) g} (nH) (1.257)
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FIGURE 1.85 Calculation of (a) self-inductance and (b) mutual inductance for parallel rectangular conductors.

where
R, is the relative permeability constant of the conductor
GMD is the geometric mean distance
AMD is the arithmetic mean distance
{ is a frequency-dependent parameter that equals 1 for direct and low-frequency alternating currents
and approaches 0 for very high-frequency alternating currents

The AMD and GMD for the rectangular conductor of Figure 1.85 are

W4T
aup - (1)

0.22313 - (W+T) T—0 (1.258)
GMD = < 0.22360 - (W + T) T=W/2
0.223525 - (W+T) T-—-W

The rectangular dimensions L, W, and T are normalized to the centimeter in the preceding expressions.

Mutual inductance. The mutual inductance for the two parallel rectangular conductors of Figure 1.85
depends on the conductor length L, the conductor width W, and the conductor thickness T, and the
distance D separating the conductor centers. The static mutual inductance is [10]

Ly = 2La(nH) (1.259)
where
(Y 4 (E 2 |4 (GMD g 1/2+ GMD
*= 1 \GMD GMD L L
and
GMD = exp(InD — B) (1.260)

. D‘2+1 D_4+1 D*6+1 D\"*
2\w) Te0\Ww 168 \W,/ ' 360 \W

B: 1 D —10
Teo\w) T

0.1137 for D=W
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FIGURE 1.86 (a) Self-inductance as a function of width, thickness, and length for rectangular conductors. (b)
Mutual inductance as a function of distance and length for rectangular conductors (W=5, T=0).

The GMD closed-form expression Equation 1.260 is valid for rectangular conductors with small
thickness-to-width ratios T/W. As the thickness T approaches the width W, the GMD approaches the
distance D and the GMD is no longer represented by the above closed-form expression. Figure 1.86
shows plots of the self inductance and the mutual inductance as expressed in Equations 1.257 and 1.259,
respectively. The conductor dimensions are given in wm (pm=10"* ¢cm).

For the inductor structure of Figure 1.84 it is important to emphasize that since the spiral loops are of
nonmagnetic metal material, the total inductance depends only on the geometry of the conductors and
not on the current strength. At high-frequencies, especially those above the self-resonant frequency of
the inductor, the skin effect due to current crowding toward the surface and the propagation delay as
the current traverses the spiral must be fully accounted for [16,22]. The ground-plane effect due to the
inductor image must also be considered regardless of the operation frequency.

An equivalent lumped model for the rectangular spiral inductor of Figure 1.84 is shown in Figure 1.87.
This model consists of the total inductance Ly, the accumulated metal resistance Rs, the coupling

|

t [{

| I\

: Cep

| Ly R
T~ Cn Cout

Tub contact

FIGURE 1.87 Electrical model for the spiral inductor.
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capacitance Ccp between metal segments due to the electric fields in both the oxide region and the air
region, the parasitic capacitances Cpy and Coyr from the metal layers to the buried layer [2,11,15], and
the buried-layer resistance R;,. Since the spiral structure of Figure 1.84 is not symmetrical, the parasitic
capacitors Cy and Coyr are not the same, though the difference is relatively small. The self-resonant
frequency can be approximated using the circuit model of Figure 1.87 with one side of the inductor being
grounded. For simplicity, let Cy = Cout + Cp and neglect the relatively small coupling capacitor Ccp, the
self-resonant frequency is given by

(1.261)

Lt

Transformer structures. Transformers are often used in high-performance analog ICs that require
conversions between single-ended signals and differential signals. In monolithic technology, trans-
formers can be fabricated using the basic structure of the rectangular spiral inductor. Figure 1.88 shows
a planar interdigitated spiral transformer that requires only two metal layers M; and M,. The structure
of Figure 1.89, on the other hand, requires three layers of metal for which the top metal layer M; is used
for the upper spiral, the middle metal layer M, is used for the lower spiral, and the bottom metal layer
M; is used for the two connector bridges. This structure can achieve a higher inductance per unit than
that of Figure 1.88 due to a stronger magnetic coupling between the upper spiral and the lower spiral
through a relatively thin oxide layer separating metal layers M, and M. An equivalent lumped model is

Primary coil (M,) Port 4
Secondary coil (M)
? ary 2
%
Port1f

NN

N N N

Port 2

FIGURE 1.88 Rectangular spiral transformer 1.
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FIGURE 1.89 Rectangular spiral transformer IL

Port 1 Port3

AY|

o——¢
Tub contact

I

Tub contact

—AW—) v~

Primary coil Secondary coil |
I

Port 2 Port 4

FIGURE 1.90 Electrical model for the spiral transformer.

shown in Figure 1.90. In addition to all the circuit elements of the two individual spiral inductors, there
are also a magnetic coupling factor k and a coupling capacitance Cc between the primary and
secondary coils.
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1.4.3.2 Circular Spiral Inductors

The structure of a concentric circular spiral inductor is shown in Figure 1.91 where the circular loops
share the same center point. The top metal layer M, is used for the circular conductors and the bottom
metal layer M, is used for the connector bridge. The metal width is denoted by W and the spacing
between two adjacent loops is denoted by S. The total inductance is given by

N N-1 N
Lr=> L@ +2-> > Luli (1.262)
i=1

=1 j=it1

where
N is the number of circular turns
Lg(i) is the self-inductance of the circular conductor i
Ly(ij) is the mutual inductance between conductors i and j

Self-inductance. Consider the single circular conductor of Figure 1.92a that has a radius R and a width
W. A current I applied to this conductor produces a magnetic flux encircled by the loop and another
magnetic flux inside the conductor itself. The inductance associated with the former and the latter
magnetic flux component is referred to as the external self-inductance and the internal self-inductance,
respectively. The external self-inductance characterizing the change in the encircled magnetic flux to the
change in current is [25].

2

Ls = p(2R - d) [(1 - %) K(k) — E(k)] (nH) (1.263)

LA SLASSA SIS A YD,

p Substrate

FIGURE 1.91 Concentric circular spiral inductor.
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FIGURE 1.92 Calculation of self-inductance and mutual inductance for circular conductors. (a) External self-
inductance; (b) internal self-inductance; and (c) mutual inductance.

where

4R(R —B)
=— 1.264

(2R — §)? ( )
and . is the permeability of the conductor (equals 47 nH/cm for nonmagnetic conductors), and 8 is one-
half the conductor width W. K(k) and E(k) are the complete elliptic integrals of the first and second kind,
respectively, and are given by

/2
dd
K(k) = —_—
® J V1 —K2sin® ¢

/2

E(k) = J V1 —Kk2sin? ¢ db

0

The internal self-inductance is determined based on the concept of magnetic field energy. As shown in
Figure 1.92b, the flat circular conductor is first approximated by an M number of round circular
conductors [14] that are electrically in parallel and each conductor has a diameter equal to the thickness
T of the flat conductor. The internal self-inductance of each round conductor is then determined as [25].
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L:S%(nH/cm)

The internal self-inductance of the flat conductor thus equals the parallel combination of these M
components

M -1
Ls ~ % {Z [R—8+ T(i— o.s)]l} (nH) (1.265)
i=1

where R— 8+ T(i — 0.5) is the effective radius from the center of the loop to the center of the round
conductor i. The typical contribution from the internal self-inductance of Equation 1.265 is less than 5%
the contribution from the external self-inductance of Equation 1.263.

Mutual inductance. 'The mutual inductance of the two circular loops of Figure 1.92¢ depends on the
inner radius R; and the outer radius R,. For any two adjacent loops of the circular spiral inductor, the
outer radius is related to the inner radius by the simple relation R,=R+ (W +S). The mutual
inductance is determined based on the Neumann’s line integral given as follows:

L :ﬁHM
M 41 D
ccC

where
dl, - dl; represents the dot product of the differential lengths
D is the distance separating the differential 1, vector and 1, vector

The static mutual inductance [25] is

Ly = pvRiR, [(% — k) K(k) — %E(k)] (nH) (1.266)
where
4R;R,
P=—"r2 1.26
(Ri+R,)* (1267

Figure 1.93 shows plots of the external self-inductance and the mutual inductance as expressed in
Equations 1.263 and 1.266, respectively. The conductor dimensions are given in pm.

As in the rectangular spiral inductor, the ground-plane effect and the retardation effect of the circular
spiral inductor must be fully accounted for. The circuit model of Figure 1.87 can be used to characterize
the electrical behavior of the circular inductor.

A comparison between the rectangular spiral of Figure 1.84 and the circular spiral of Figure 1.91 is
shown in Figure 1.94, where the total inductance Ly is plotted against the turn number N. Both inductors
have the same innermost dimension, the same conductor width, space, and thickness. The dimensions
are given in wm, and the ground-plane effect and the retardation effect are not considered. For a given
turn number, the rectangular spiral yields a higher inductance per semiconductor area than the circular
spiral. Figure 1.95 shows a plot of the inductor Q vs. the total inductance of the same spiral inductors
under consideration. Due to a higher inductance per length ratio, the Q of the circular inductor is higher
than that of the rectangular inductor, about 10% for high inductance values.
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FIGURE 1.93 (a) External self-inductance as a function of radius and width for circular conductors. (b) Mutual
inductance as a function of radii R; and R, for circular conductors.
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FIGURE 1.94 Total static inductance vs. turn number for the rectangular and circular inductors. The ground-plane
effect is neglected. Innermost center dimension is 88 by 88, W=6, S=3, T=1.2.
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FIGURE 1.95 Inductor Q vs. total inductance for the rectangular and circular inductors. Metal sheet resistance is

25
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m{)/N. Innermost dimension is 88, W=6, =3, T=1.2.
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1.5 Chip Parasitics in Analog Integrated Circuits
Martin A. Brooke

The parasitic elements in electronic devices and interconnect limit the performance of all ICs. No
amount of improvement in device performance or circuit design can completely eliminate these effects.
Thus, as circuit speeds increase, unaccounted for interconnect parasitics become a more and more
common cause of analog IC design failure. Hence, the causes, characterization, and modeling of
significant interconnect parasitics are essential knowledge for good analog IC design [1-4].

1.5.1 Interconnect Parasitics

The parasitics due to the wiring used to connect devices together on chip produce a host of
problems. Unanticipated feedback through parasitic capacitances can cause unwanted oscillation.
Mismatch due to differences in interconnect resistance contribute to unwanted offset voltages. For
very-high-speed ICs, the inductance of interconnects is both a useful tool and a potential cause of
yield problems.
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Even the interactions between interconnect lines are both important and very difficult to model. So too
are the distributed interactions of resistance, capacitance, and (in high-speed circuits) inductance that
produce transmission line effects.

1.5.1.1 Parasitic Capacitance

Distributed capacitance of IC lines is perhaps the most important of all IC parasitics. It can lower the
bandwidth of amplifiers, alter the frequency response of filters, and cause oscillations.

Physics. Every piece of IC interconnect has capacitance to the substrate. In the case of silicon circuitry,
the substrate is conductive and connected to an ac ground, thus there is a capacitance to ground from
every circuit node due to the interconnect. Figure 1.96 illustrates this substrate capacitance interconnect
parasitic. The capacitance value will depend on the total area of the interconnect, and on the length of
edge associated with the interconnect. This edge effect is due to the nonuniformity of the electric field at
the interconnect edges. The nonuniformity of the electric field at edges is such that the capacitance value
is larger for a given area of interconnect near the edge than elsewhere.

In addition to the substrate capacitance, all adjacent pieces of an interconnect will have capacitance
between them. This capacitance is classified into two forms, overlap capacitance, and parallel line
capacitance (also known as proximity capacitance). Overlap capacitance occurs when two pieces of
interconnect cross each other, while parallel line capacitance occurs when two interconnect traces run
close to each other for some distance.

When two lines cross each other, the properties of the overlapping region will determine that size
of the overlap capacitance. The electric field through a cross section of two overlapping lines is
illustrated in Figure 1.97. The electric field becomes nonuniform near the edges of the overlapping
region, producing an edge-dependent capacitance term. The capacitance per unit area at the edge is
always greater than elsewhere and, if the overlapping regions are small, the edge capacitance effect can
be significant.

The size of parallel line capacitance depends on the distance for which the two lines run side by side
and on the separation of the lines. Since parallel line capacitance occurs only at the edges of an
interconnect, the electric field that produces it is very nonuniform. This particular nonuniformity, as
illustrated in Figure 1.98, makes the capacitance much smaller for a given area of interconnect than either
overlap or substrate capacitance. Thus, two lines must run parallel for some distance for this capacitance
to be important. The nonuniformity of the electric field makes the dependence of the capacitance on line
separation highly nonlinear, as a result the capacitance value decreases much more rapidly with
separation than it would if it depended linearly on the line separation.

Interconnect

| |

FIGURE 1.96 Substrate capacitance. The electric field distorts at the edges, making the capacitance larger there
than elsewhere.
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Interconnect level 2

FIGURE 1.97 Overlap capacitance. The bottom interconnect level will have edges into and out of the page with
distorted electric field similar to that shown for the top level of interconnect.

Interconnect

FIGURE 1.98 Parallel line capacitance. Only the solid field lines actually produce line-to-line capacitance, the
dashed lines form substrate capacitance.

Modeling. In the absence of significant interconnect resistance effects, all of the parasitic capacitances can
be modeled with enough accuracy for most analog circuit design applications by dissecting the interconnect
into pieces with similar capacitance characteristics and adding up the capacitance of each piece to obtain a
single capacitance term. For example, the dissected view of a piece of interconnect with substrate
capacitance is shown in Figure 1.99. The interconnect has been dissected into squares that fall into three

£

. Edge m Corner edge

. Corner DNO edge

FIGURE 1.99 Determining substrate capacitance. The capacitance of each square in the dissected interconnect
segment is summed.
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classes: two types of edges, and one center type. The capacitance to the substrate for each of these squares in
parallel and thus the total capacitance of the interconnect segment is simply the sum of the capacitance of
each square. If the substrate capacitance contribution of each square has been previously measured
or calculated, the calculation of the total interconnect segment substrate capacitance involves summing
each type of squares capacitance multiplied by the number of squares of that type in the segment.

The accuracy of this modeling technique depends solely on the accuracy of the models used for each
type of square. For example, in Figure 1.99, the accuracy could be improved by adding one more type of
edge square to those that are modeled. One of these squares has been shaded differently in the figure and
is called the corner edge square.

For the nonedge pieces of the interconnect the capacitance is approximately a parallel-plate capaci-
tance and can be computed from Equation 1.268.

C= ’y (1.268)
where

A is the area of the square or piece of interconnect

t is the thickness of the insulation layer beneath the interconnect
g, is the relative dielectric constant of the insulation material
&g is the dielectric constant of free space

For silicon ICs insulated with silicon dioxide the parameters are given in Table 1.10.

The capacitance of edge interconnect pieces will always be larger than nonedge pieces. The amount by
which the edge capacitance increases will depend on the ratio of the size of the piece of interconnect and the
thickness of the insulation layer beneath the interconnect. If the interconnect width is significantly larger
than the thickness of the insulation then edge effects are probably small and can be ignored. However, when
thin lines are used in ICs the edge effects are usually significant. The factor by which the edge capacitance
can increase over the parallel-plate approximation can easily be as high as 1.5 for thin lines.

The modeling of overlap capacitance is handled in the same fashion as substrate capacitance. The
region where interconnect lines overlap is dissected into edges and nonedges and the value of capacitance
for each type of square summed up to give a total capacitance between the two circuit nodes associated
with each piece of interconnect that overlaps. The area of overlap between the two layers of interconnect
can be used as A in Equation 1.268, while that separation between the layers can be used as ¢. The strong
distortion of the electric fields will increase the actual value above this idealized computed value by a
factor that depends on the thickness of the lines. This factor can be as high as 2 for thin lines.

Parallel line capacitance can also be handled in a manner similar to that used for substrate and overlap
capacitance. However, we must now locate pairs of edge squares, one from each of the adjacent
interconnect lines. In Figure 1.100, one possible pairing of the squares from adjacent pieces of intercon-
nect is shown. The capacitance for each type of pair of squares is added together, weighted by the number
of pairs of each type to get a single capacitance that connects the circuit nodes associated with each
interconnect line.

The effect on the capacitance of the spacing between pairs must be either measured or computed for
each possible spacing, and type of pair of squares. One approach to this is to use a table of measured or

TABLE 1.10  Parameters for Calculation of Substrate
Capacitance in Silicon ICs Insulated with Silicon Dioxide

Parameter Value
& 3.9
€0 8.854 - 1072 F/m

t 1-5-107%m
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FIGURE 1.100 Determining parallel line capacitance. The differently shaded pairs of squares are different types
and will each have a different capacitance between them.

Parallel line capacitance in fF
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& Exponential fit
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FIGURE 1.101 Parallel line capacitance measured from a silicon IC. The diamonds are an exponential fit to the
data (using Equation 1.269). The fit is excellent at short separations when the capacitance is largest.

computed capacitances and separation distances. The measured parallel line capacitance between silicon
IC lines for a variety of separations is presented in Figure 1.101. From the figure, we see that the
capacitance value decreases exponentially with line separation. Thus an exponential fit to measured or
simulated data is good choice for computing the capacitance [7,8].

Equation 1.269 can be used to predict the parallel line capacitance C for each type of pair of edge
squares. L is the length of the edge of the squares, and the parameters C, and S, are computed or fit to
measured coupling capacitance data like that in Figure 1.101.

C=C.-L-e t/% (1.269)

Effects on circuits. The effects that parasitic capacitances are likely to produce in circuits range from
parametric variations, such as reduced bandwidth, to catastrophic failures, such as amplifier oscillation.
Each type of parasitic capacitance produces a characteristic set of problems. Being aware of these typical
problems will ease diagnosis of actual, or potential, parasitic capacitance problems.
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Substrate capacitance usually causes lower than expected bandwidth in amplifiers and lowering of the
poles in filters. The capacitance is always to ac ground and thus increases device and circuit capacitances
to ground. Thus, circuit nodes that have a dominant effect on amplifier bandwidth, or filter poles, should
be designed to have as little substrate capacitance as possible. Another, more subtle, parametric variation
that can be caused by substrate capacitance is frequency-dependent mismatch. For example, if the
parasitic capacitance to ground is different between the two inputs of a differential amplifier, then, for
fast transient signals, the amplifier will appear unbalanced. This could limit the accuracy high-speed
comparators, and is sometimes difficult to diagnose since the error only occurs at high speeds.

Overlap and parallel line capacitance can cause unwanted ac connections to be added to a circuit. These
connections will produce crosstalk effects and can result in unstable amplifiers. The output interconnect
and input interconnect of high-gain or high-frequency amplifiers must thus be kept far apart at all times.
Care must be taken to watch for series capacitances of this type. For example, if the output and input
interconnect of an amplifier both cross the power supply interconnect, unwanted feedback can result if the
power supply line is not well ac grounded. This is a very common cause of IC amplifier oscillation. Because
of the potential for crosstalk between parallel or crossing lines, great care should also be taken to keep
weak (high-impedance) signal lines away from strong (low-impedance) signal lines.

1.5.1.2 Parasitic Resistance

For analog IC designers, the second most important interconnect parasitic is resistance. This unexpected
resistance can cause both parametric problems, such as increased offset voltages, and catastrophic
problems such as amplifier oscillation (for example, poorly sized power supply lines can cause resistive
positive feedback paths in high gain amplifiers called “ground loops™”). To make matters worse, the
resistivity of IC interconnect has been steadily increasing as the line widths of circuits have decreased.

Physics. Except for superconductors, all conductors have resistance. A length of interconnect used in an
IC is no exception. The resistance of a straight section of interconnect is easily found by obtaining the
resistance per square for the particular interconnect layer concerned, and then adding up the resistance of
each of the series of squares that makes up the section. This procedure is illustrated in Figure 1.102.

For more complicated interconnect shapes the problem of determining the resistance between two
points in the interconnect is also more complex. The simplest approach is to cut the interconnect up into
rectangles and assume each rectangle has a resistance equal to the resistance per square of the intercon-
nect material times the number of full and partial squares that will fit along the direction of current flow
in the rectangle [5]. This scheme works whenever the direction of current flow is clear; however, for
corners and intersections of interconnect the current flow is in fact quite complex. Figure 1.103 shows the
kind of current flow that can occur in an interconnect section with complex geometry.

Modeling. 'To account for the effects of complex current flows the resistance of complex interconnect
geometries must be determined by measurement or simulation. One simple empirical approach is to cut
out sections of resistive material in the same shape as the interconnect shape to be modeled, and then

FIGURE 1.102 Determining the resistance of a length of interconnect. Each square has the same resistance
regardless of size.
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FIGURE 1.103 Current flow in a complex interconnect geometry.

measure the resistance. The resistance for other materials can be found by multiplying by the ratio of the
respective resistances per square of the two materials.

Once the resistance has been found for a particular geometry it can be used for any linear scaling of
that geometry. For most types of IC interconnect all complex geometries can be broken up into relatively
few important subgeometries. If tables of the resistance of these subgeometries for various dimensions
and connection patterns are obtained, the resistance of quite complex shapes can be accurately calculated
by connecting the resistance of each subgeometry together and calculating the resistance of the connected
resistances. This calculation can usually be performed quickly by replacing series and parallel
connected resistor pairs with their equivalents. The process of breaking a complex geometry into
subgeometries, constructing the equivalent connected resistance, and forming a single resistance for an
interconnect section is illustrated in Figure 1.104.

Effects on circuits. The resistance of interconnect can have both parametric and catastrophic effects on
circuit performance. Even small differences in the resistance on either input side of a differential amplifier can
lead to increased offset voltage. Thus, when designing differential circuits care must be taken to make the
interconnect identical on both input sides, as this ensures that the same resistance is present in both circuits.

The resistance of power supply interconnect can lead to both parametric errors in the voltages supplied
and catastrophic failure due to oscillation. If power supply voltages are assumed to be identical in two
parts of a circuit and, due to interconnect resistance, there is a voltage drop from one point to the next,
designs that rely on the voltages being the same may fail. In high-gain and feedback circuits the resistance of
the ground and power supply lines may become an unintentional positive feedback resistance which could
lead to oscillation. Thus output and input stages for high-gain amplifiers will usually require separate
ground and power supply interconnects. This ensures that no parasitic resistance is in a feedback path.

When using resistors provided in an IC process, the extra resistance provided by the interconnect may
cause inaccuracies in resistor values. This would be most critical for small resistance values. The only
solution in this case is to accurately compute the interconnect resistance. Since most resistance layers

FIGURE 1.104 The process of breaking a complex geometry into subgeometries, constructing the equivalent
connected resistance, and forming a single resistance for an interconnect section. In this example, only two
subgeometries are used: a corner subgeometry and a basic rectangular subgeometry.
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provided in analog IC processes are just a form of high resistivity interconnect, the methods described
here for accurately computing the resistance of interconnect are also useful for predicting the resistance
of resistors to be fabricated.

1.5.1.3 Parasitic Inductance

In high-speed ICs the inductance of long lines of interconnect becomes significant. In IC technologies
that have an insulating substrate, such as gallium arsenide (GaAs) and silicon on insulator (SOI),
reasonably high-performance inductive devices can be made from interconnect. In technologies with
conductive substrates, resistive losses in the substrate restrict the application of interconnect inductance.
High-frequency circuits are often tuned using interconnect inductance and capacitance (LC) to form a
narrow bandpass filter or tank circuit, and LC transmission lines, or stubs, made from interconnect are
useful for impedance matching. There is much similarity between this use of parasitic inductance and the
design of microstripline-printed circuit boards. The major difference being that inductance does not
become significant in IC interconnect until frequencies in the gigahertz are reached.

In order to make a good interconnect inductance, there are two requirements. First, there must not be
any resistive material within range of the magnetic field of the inductance. If this occurs then induced
currents flowing in the resistive material will make the inductor have high series resistance (low Q factor).
This would make narrow bandwidth bandpass filters difficult to make using the inductance, and make
transmission lines made from the interconnect lossy. The solution is to have an insulating substrate, or to
remove the substrate from beneath the inductor.

The second requirement for large inductance is to form a coil or other device to concentrate the
magnetic field lines. Within the confines of current IC manufacturing, spiral inductors, like that
illustrated in Figure 1.105 are the most common method used to obtain useful inductances.

1.5.1.4 Transmission Line Behavior

Two types of transmission line behavior are important in ICs, RC transmission lines and LC/RLC
transmission lines. For gigahertz operation inductive transmission lines are important. These can
be lossy RLC transmission lines if a conductive substrate such as silicon is used, or nearly lossless
LC transmission lines if an insulating substrate such as GaAs is used. The design of inductive trans-
mission lines is very similar to designing microstripline-printed circuit boards. At lower frequencies of

FIGURE 1.105 Spiral inductance used in insulated substrate ICs for gigahertz frequency operation.
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10-1000 MHz resistive capacitive (RC) transmission lines are important for long low resistivity inter-
connect lines or short high resistivity lines.

RC transmission lines are of concern to analog circuit designers working in silicon ICs. When used
correctly, an interconnect can behave as though it were purely capacitive in nature. However, when a
higher resistivity interconnect layer, such as polysilicon or diffusion is used, the distributed resistance and
capacitance can start to produce transmission line effects at relatively short distances. Similarly, for very
long signal distribution lines or power supply lines, if they are not correctly sized, transmission line
behavior ensues.

Physics. One method for modeling distributed transmission line interconnect effects is lumped equiva-
lent modeling [6]. This method is useful for obtaining approximate models of complex geometries
quickly, and is the basis of accurate numerical finite element simulation techniques. For analog circuit
designers the conversion of interconnect layout sections into lumped equivalent models also provides an
intuitive tool to understanding distributed transmission line interconnect behavior.

To be able to model a length of interconnect as a lumped RC equivalent, the error between the
impedance of the interconnect when correctly treated as a transmission line, and when replaced with the
lumped equivalent, must be kept low. If this error is e, then it can be shown that the maximum length of
interconnect that can be modeled as a simple RC T or II network is given in Equation 1.270. In the
equation, R is the resistance per square of the particular type of interconnect used, C is the capacitance
per unit area, and w is the frequency of operation in radians per second.

3-e
D < ©- R C (1.270)
This length can be quite short. Consider the case of a polysilicon interconnect line in a 1.2 pm CMOS
process that has a resistance per square of 40 () a capacitance per unit are of 0.1 fF/pm®, For an error e of
10% the maximum line length of minimum width line that can be treated as a lumped T or I1 network for
various frequencies is given in Table 1.11. Longer interconnect lines than this must be cut up into lengths
less than or equal to the length given by Equation 1.270.

Modeling. The accurate modeling of distributed transmission line effects in ICs is best performed with
lumped equivalent circuits. These circuits can be accurately extracted by dissecting the interconnect
geometry into lengths that are, at most, as long as the length given by Equation 1.270. These lengths are
then modeled by either a T or II lumped equivalent RC network. The extraction of the resistance and
capacitance for these short interconnect sections can now follow the same procedures as were described in
Sections 1.5.1.2 and 1.5.1.1. The resulting RC network is then an accurate transmission line model of the
interconnect. Figure 1.106 shows an example of this process.

Effects on circuits. Several parametric and catastrophic problems can arise due to unmodeled trans-
mission line behavior. Signal propagation delays in transmission lines are Jonger than predicted by a
single lumped capacitance and resistance model of interconnect. Thus, ignoring the effects of transmis-
sion lines can result in slower circuits than expected. If the design of resistors for feedback networks

TABLE 1.11  The Maximum Length of Minimum Width
Polysilicon Line That Can Be Modeled with a Single Lumped
RC T or m Network and Remain 10% Accurate

Frequency (MHz) Length (um)
10 1262
100 399

1000 126
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FIGURE 1.106 The extraction of an accurate RC transmission line model for resistive interconnect. The maximum
allowable length D is computed from Equation 1.270.

results in long lengths of the resistive interconnect used to make the resistors, these resistors may in fact
be RC transmission lines. The extra delay produced by the transmission line may well cause oscillation of
the feedback loops using these resistors. The need for decoupling capacitors in digital and analog circuit
power supplies is due to the RC transmission line behavior of the power supply interconnect. Correct
modeling of the RC properties of the power distribution interconnect is needed to see whether fast power
supply current surges will cause serious changes in the supply voltage or not.

1.5.1.5 Nonlinear Interconnect Parasitics

A number of types of interconnect can have nonlinear parasitics. These nonlinear effects are a challenge
to model accurately because the effect can change with the operating conditions of the circuit. A
conservative approach is to model the effects as constant at the worst likely value they can attain. This
is adequate for predicting parameters, like circuit bandwidth, that need only exceed a specification value.
If the specifications call for accurate prediction of parasitics then large nonlinear parasitics are generally
undesirable and should be avoided.

Most nonlinear interconnect parasitics are associated with depletion or inversion of the semiconductor
substrate. A diffusion interconnect is insulated from conducting substrates such as silicon by a reversed
biased diode. This diode’s depletion region width varies with the interconnect voltage and results in a
voltage-dependent capacitance to the substrate. For example, the diffusion interconnect in Figure 1.107
has voltage-dependent capacitance to the substrate due to a depletion region. The capacitance value
depends on the depletion region thickness, which depends on the voltage difference between the

interconnect and the substrate.
AN
C=G- (1 - (i) (1.271)
Pp
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FIGURE 1.107 Diffusion interconnect has a voltage-dependent capacitance produced by the depletion region
between the interconnect and the substrate. At low voltage difference between the interconnect and substrate (a), the
capacitance is large. However, the capacitance decreases for larger voltage differences (b).

The typical equation for depletion capacitance is given in Equation 1.271. In this equation Vg is the
voltage from the interconnect to the substrate, ¢y is the built-in potential of the semiconductor junction,
M is the grading coefficient of the junction, while C, is the zero-bias capacitance of the junction. Since the
capacitance is less than C, for reverse bias and the junction would not insulate for forward bias, we can
assume that the capacitance is always less than C, and use C, as a conservative estimate of C. Because of
the uncertainty in the exact structure of most semiconductor junctions ¢p and M are usually fit to
measured capacitance versus voltage (CV) data.

Another common nonlinear parasitic occurs when metal interconnect placed over a conducting
semiconductor substrate creates inversions at the semiconductor surface. This inversion layer increases
the substrate capacitance of the interconnect and is voltage-dependent. To prevent this most silicon-IC
manufacturers place an inversion-preventing implant on the surface of the substrate. The depletion
between the substrate and n-type or p-type wells diffused into the substrate also creates a voltage-
dependent capacitance. Thus use of the well as a high resistivity interconnect for making high value
resistors will require consideration of a nonlinear capacitance to the substrate.

1.5.2 Pad and Packaging Parasitics

All signals and supply voltages that exit an IC must travel across the packaging interconnections. Just like
the on-chip interconnect, the packaging interconnect has parasitic resistance, capacitance, and induct-
ance. However, some of the packaging materials are significantly different in properties and dimension to
those used in the IC, thus there are major differences in the importance of the various types of parasitics.
Figure 1.108 is a typical packaged IC. The chief components of the packaging are the pads on the chip,
the wire or bump bond used to connect the pad to the package, and then the package interconnect.

The pads used to attach wire bonds or bump bonds to ICs are often the largest features on an IC. The
typical pad is 100 pm on a side and has a capacitance of 100 fF. In addition, protection diodes are often
used on pads that will add a small nonlinear component to the pad capacitance.

The wire bonds that attach the pads to the package are typically very low resistivity and have
negligible capacitance. Their major contribution to package parasitics is inductance. Typically, the
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FIGURE 1.108 A packaged IC. The main sites of parasitics are the pad, bond, and package interconnect.

package interconnect inductance is greater than the wire bond inductance; however, when wire bonds are
used to connect two ICs directly together, then the wire bond inductance is significant.

Often, the dominant component of package parasitics comes from the packaging interconnect itself.
Depending on the package, there is inductance, capacitance to ground, and parallel line capacitance
produced by this interconnect. Carefully made high-frequency packages do not exhibit much parallel line
capacitance (at the expense of much capacitance to ground due to shielding), but in low-frequency
packages with many connections this can become a problem.

Typical inductance and capacitance values for a high-speed package capable of output bandwidths
around 5 GHz are incorporated into a circuit model for the package parasitics in Figure 1.109. When
simulated with a variety of circuit source resistances (RS) this circuit reaches maximum bandwidth
without peaking when the output resistance is 4 {). At lower output resistance, Figures 1.110 and 1.111
show that considerable peaking in the output frequency response occurs.

0 LUpackagel | 100 L2packagel | oLl
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_T_ — 7YY Y ° ° YY) Py
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. 70,
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FIGURE 1.109 The circuit model of a high-frequency package output and associated parasitics. Cpad is the pad
capacitance. L1package, Cpackage, R2, and L2package model the package interconnect. RS is the source resistance of
the circuit. RL and CL are the external load.
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FIGURE 1.110 The PSPICE ac simulation of circuit in Figure 1.109 when the load resistance RL is 10 M(). This
shows how the package inductance causes peaking for sufficiently low output resistance. In this case, peaking occurs
for RS below 4 () and at about 2 GHz.
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FIGURE 1.111  The PSPICE ac simulation of circuit in Figure 1.109 when the load is 50 {). The package inductance
still causes peaking for RS below 4 ().
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FIGURE 1.112 Test structures for measuring parallel line capacitance.

1.5.3 Parasitic Measurement

The major concern when measuring parasitics is to extract the individual parasitic values independently
from measured data. This is normally achieved by exaggerating the effect that causes each individual
parasitic in a special test structure, and then reproducing the structure with two or more different
dimensions that will affect only the parasitic of interest. In this fashion, the effects of the other parasitics
are minimized and can be subtracted from the desired parasitic in each measurement.

G -G
T L1

Cp (1.272)

For example, to measure parallel line capacitance, the test structures in Figure 1.112 would be fabricated.
These structures vary only in the length of the parallel lines. This means that if other parasitic capacitance
ends up between the two signal lines used to measure the parasitic, then it will be a constant capacitance
that can be subtracted from both measurements. The parallel line capacitance will vary in proportion to
the variation of length between the two test structures. Thus the parallel line capacitance per unit length
can be found from Equation 1.272. In this equation Cp is the parallel line capacitance per unit length, C,
and C, are the capacitances measured from each test structure, and L; and L, are the length of the two
parallel interconnect segments.
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